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Abstract:  A  single  wide-angle  conical  monopole  is  inherently  low 
profile  and  can  be  tuned  to  resonate  at  frequencies  where  the 
diameter  of  the  structure  is  quite  small  compared  to  the 
wavelength.  Tuning  can  be  accomplished  by  varying  the  values  of 
lumped  elements  that  are  connected  across  the  radiating  aperture. 
Continuously  variable  tuning  is  possible  by  using  voltage-variable 
capacitors  (varactors)  as  part  of  the  tuning  circuit.  Since  the 
element  is  a  high-Q  resonator,  the  match  bandwidth  is  quite  small, 
although  adequate  for  some  applications.  When  a  wider  match 
bandwidth  is  required,  adding  a  second  cone,  nested  inside  the 
first,  may  supply  it. 


1 .  Introduction 

It  is  well  known  that  antennas  made  from  conducting  conical 
surfaces  with  apex  angles  (between  the  axis  and  generators  of  the 
cone)  in  the  range  from  thirty  to  forty-five  degrees  have  broad 
operating  bandwidth  [1].  For  a  single  cone  fed  against  a  ground 
plane  (monopole),  the  minimum  slant  height  for  low  input  reactance 
is  approximately  one-quarter  wavelength  (A/4).  For  higher 
frequencies,  where  the  slant  height  is  larger  than  A/4,  the  input 
reactance  remains  small  and  the  input  resistance  is  almost 
constant.  The  upper  limit  of  the  operating  band  for  medium-angle 
conical  monopoles  is  determined,  not  by  the  impedance,  but  by  the 
directivity.  Elevation-plane  radiation  patterns  develop  multiple 
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lobes  when  the  monopole  slant  height  exceeds  one-half  wavelength. 
Thus  the  operating  band  is  approximately  2:1  [2]. 

Published  data  for  conical  antennas  with  apex  angles  near 
ninety  degrees  are  sparse.  An  excellent  review  of  conical 
antennas  is  given  by  Bevensee  [3]  .  He  presents  data  for  both 
solid  and  hollow  conical  monopoles  with  apex  angles  as  large  as 
forty-five  degrees.  Other  published  works,  even  though  the  title 
may  include  the  term  "wide  angle",  consider  mainly  cases  where  the 
apex  angle  is  less  than  forty-five  degrees.  An  exception 
presents  computed  data  for  an  apex  angle  of  seventy  degrees  [4]. 
Another  presents  data  for  the  apex  angle  of  50.6  degrees  [5]. 
However,  this  author,  as  well  as  most  others,  considers  only  the 
case  where  the  cones  of  a  dipole  are  closed  by  spherical  caps. 

To  achieve  reduced  visibility,  mechanical  ruggedness, 
safety,  lower  drag,  etc. ,  it  is  often  desirable  to  use  an  antenna 
having  a  very  small  height.  In  those  applications  where  an 
omnidirectional  azimuthal  pattern  is  required  and  where  a  suitable 
ground  surface  is  available,  using  a  conical  monopole  with  a  wide 
angle  (near  90  degrees)  will  significantly  reduce  the  antenna 
height  in  a  way  that  provides  some  opportunities  for  ^  reducing 
lateral  dimensions  as  well.  Nesting  several  wide-angle  cones 
connected  in  series  can  increase  the  operating  bandwidth.  These 
benefits  are  not  easily  implemented  with  conventional  thin,  linear 
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monopole  (whip)  antennas.  In  some  recent  work  on  electronically 
tuned  monopoles  [6]  some  length  reduction  is  achieved  by  using  a 
helical  element,  but  the  reduction  is  not  as  great  as  that 
obtainable^ with  a  wide-angle  cone.  The  tuning  of  the  helical 
elements  is  by  means  of  diodes  that  short  circuit  turns  at  various 
locations  along  the  helix,  making  the  helix  resonant  in  the 
quarter-wavelength  mode  at  the  operating  frequency.  Since  each 
resonance  is  of  narrow  bandwidth,  numerous  diodes  and  biasing 
circuits  are  required  to  adequately  cover  all  frequencies  in  an 
extended  band. 

2.  Wide-angle  conical  monopoles 

The  basic  element  is  an  open-ended  conical  monopole  of  very  wide 
apex  angle  (between  seventy-five  and  ninety  degrees).  In  contrast 
to  the  medium-angle  cones  that  have  been  used  extensively  in  the 
past,  the  very-wide-angle  conical  monopole  is  a  resonator  with 
relatively  narrow  impedance  bandwidth  (relatively  high  Q).  The 
cost  of  achieving  reduced  height  is  a  decrease  in  the  operating 
bandwidth.  However,  the  smaller  height  provides  opportunities  to 
reduce  other  dimensions  as  well,  and  easily  to  add  more  conical 
elements  to  increase  the  impedance  bandwidth. 

Very  wide  apex  angles  make  it  feasible  to  connect  lumped 
elements  (loads)  across  the  aperture  between  the  edge  of  the  cone 
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and  ground.  A  resistive  value  of  the  input  impedance  can  be 
achieved  at  a  fixed  frequency  for  a  wide  range  of  cone  lengths  by 
properly  choosing  the  values  of  reactive  loads.  Thus  it  is  not 
necessary  f^r  the  generators  of  a  cone  to  be  almost  one-quarter  of 
the  operating  wavelength  in  order  to  achieve  the  first  zero 
(lowest  non-zero  frequency)  input  reactance  (resonance). 

For  inductance-loaded,  very-wide-angle  conical  monopoles  the 
first  zero  reactance  condition  occurs  at  a  high  value  of  input 
resistance.  By  adding  a  second  cone  nested  inside  the  first  cone 
to  minimize  the  increase  in  size,  and  connecting  the  two  so  that 
the  input  terminals  are  effectively  in  series,  a  second,  high- 
resistance,  zero-reactance  condition  can  be  obtained  at  a 
frequency  that  is  under  the  designer’s  control.  When  viewed  on  a 
Smith  chart,  the  impedance  locus  is  essentially  circular  for  all 
frequencies  between  the  two  resonances.  The  diameter  and  location 
of  the  circle  depend  upon  the  separation  between  the  resonances, 
upon  the  power  dissipated  within  the  structure,  and  upon  the  power 
radiated  or  dissipated  at  the  aperture.  However,  for  a  wide  range 
of  radiated  and/or  dissipated  power  the  center  of  the  circle  can 
be  moved  to  a  point  near  the  center  of  the  Smith  chart  by  adding 
an  impedance  transformer  at  the  input  terminals.  The  magnitude  of 
the  input  reflection  coefficient  (radius  of  the  circular  part  of 
the  impedance  locus)  is  reduced  by  making  the  resonant  frequencies 
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of  the  two  cones  closer  together,  consequently  reducing  the  match 
bandwidth  of  the  antenna.  Thus,  a  trade-off  exists  between 
bandwidth  and  degree  of  match. 

3.  Equivalent  circuit 

The  region  between  the  tip  and  the  aperture  of  a  conical 
monopole  can  be  represented  by  a  transmission  line.  The  length  of 
the  equivalent  line  will  be  equal  to  the  radial  distance  from  the 
tip  to  the  aperture  of  the  cone.  If  the  line  is  terminated  with  a 
lumped  impedance  that  correctly  simulates  the  field  beyond  the 
aperture,  the  impedance  at  the  input  terminals  of  the  line  will  be 
equal  to  the  impedance  observed  at  the  tip  of  the  cone.  Since 
power  will  be  radiated  from  the  aperture  of  the  conical  monopole, 
the  termination  should  have  a  resistive  part  that  will  dissipate 
power  equal  to  that  radiated.  There  will  also  be  energy  stored  in 
the  field  near  the  aperture  and  this  should  be  represented  by  a 
reactive  part  of  the  termination. 

Values  for  the  termination  can  be  estimated  from  approximate 
theory  and  measurements.  When  lumped  elements  are  connected 
across  the  aperture  between  the  large  ends  of  the  cones,  the 
accumulative  value  of  those  terminations  will  be  paralleled  with 
the  effective  resistive  and  reactive  terminations  of  the  open 
aperture.  The  equivalent  circuit,  although  containing  only 
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estimates  for  the  values  of  some  components,  provides  a  simple, 
but  adequate,  approach  for  the  design  of  wide-angle  conical 
monopole  antennas. 

4.  Experimental  model 

The  structure  of  an  experimental  model  is  illustrated  in 
Figure  1.  A  metallic  cone  with  (angle  between  axis  of  cone  and 
its  surface)  of  80  degrees  is  supported  by  dielectric  spacers  so 
that  the  cone  axis  is  perpendicular  to  the  circular  ground  plane. 
The  radius  (distance  from  tip  to  edge)  of  the  cone  is  18.75  cm, 
one  sixteenth  of  the  wavelength  at  100  MHz.  A  panel-mount  coaxial 
connector  is  provided  at  the  tip  of  the  cone  with  a  small  hole  in 
the  ground  plane  to  provide  for  attaching  the  pin  of  the  connector 
to  the  cone  tip. 

From  transmission  line  equations,  or  from  the  Smith  chart,  it 
is  found  that  a  high  resistance,  zero  reactance  resonance  at  100 
MHz  can  be  achieved  by  loading  the  aperture  with  a  normalized 
inductive  reactance  of  2.41.  The  characteristic  impedance  of  the 
conical  guide  formed  between  the  conducting  cone  (apex  angle  of 
0^)  and  ground  is  given  by 

Zq  =  60  In  ctn  61/2  (1) 
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When  0^  =  80  degrees,  the  impedance  is  about  10  ohms.  Thus  the 
equivalent  line  should  be  terminated  with  a  reactance  of  24.1  ohms 
that  would  be  realized  by  a  single  inductor  with 

\  24  1 

L  =  —  =  - —  =  38.4  nanohenries  (2) 

^  2ir  X  10® 

To  maintain  a  high  degree  of  azimuthal  symmetry  for  the  edge- 
loaded  monopole  this  inductance  could  be  achieved  by  placing  four 
inductors  with  L  =  154  nH  spaced  at  90-degree  intervals  around  the 
periphery  of.  the  cone  as  indicated  in  Figure  1.  The  resonant 
frequency  can  be  varied  by  changing  the  value  of  the  terminating 
inductors.  In  the  first  model  such  changes  were  made  by 
physically  substituting  inductors  of  various  values. 

Although  a  transformer  can  be  used  to  improve  the  match  to  a 
lower  resistance,  the  transformer  is  not  required  to  demonstrate 
tuning  of  the  antenna.  As  the  inductance  is  reduced,  the  resonant 
frequency  will  increase.  The  upper  limit  of  tuning  in  this  way 
will  be  achieved  when  the  cone  radius  is  approximately  one-quarter 
wavelength  (400  MHz).  This  corresponds  to  a  zero  reactance 
termination  which  will  not  be  quite  achievable  with  inductors 
alone.  Nevertheless,  the  antenna  can  be  tuned  over  4+:l  band  by 
simply  changing  the  values  of  the  terminating  inductors. 
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5.  Model  for  Design 

As  mentioned  above,  the  approximate  equivalent  circuit  for  a 
terminated  conical  monopole  is  that  shown  in  Figure  2.  The 
transformer  across  the  input  improves  the  match  to  a  low 
impedance,  such  as  50  ohms.  When  the  resistance  R  simulates  the 
effect  of  radiation,  it  has  been  determined  empirically  from 
measurements.  Therefore,  it  is  important  to  measure  the  input 
impedance  of  the  antenna  without  the  transformer  in  order  to 
determine  the  optimum  turns  ratio  for  a  transformer  to  be  added 
later.  The  resistance  R  would  also  include  any  lumped  resistors 
connected  across  the  aperture  to  reduce  the  reflection  there. 
Such  resistive  loading  is  generally  not  desirable  since  it  reduces 
the  efficiency  and  gain.  However,  for  receiving  applications  at 
HF,  where  the  noise  is  determined  by  factors  external  to  the 
antenna,  low  efficiency  may  not  be  detrimental  to  system 
performance.  The  inductance  L  in  the  equivalent  circuit  is  that 
which  gives  the  effective  aperture  reactance  of  all  inductors 
placed  across  the  cone  aperture.  In  this  model  the  aperture 
reactance  due  to  the  energy  stored  in  the  field  near  the  aperture 
is  neglected. 

The  circuit  of  Figure  2  has  been  analyzed  numerous  times  for 
various  terminating  inductors  using  the  circuit  simulation  program 
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Superstar  Pro  by  Eagleware.  The  resistance  R  was  computed  from 
the  formula 


R  =  10,500j^^l  (3) 

where  f  is  the  frequency  in  MHz.  This  equation  was  determined 
from  a  fit  to  experimental  data  taken  on  an  earlier  model  of  a 
conical  monopole  that  was  tested  at  a  lower  frequency.  Hence,  it 
was  expected  to  require  revision  after  measurements  were  made  on 
the  current  *antenna. 

Figures  3  and  4  give  some  results.  The  Smith  chart  plots 
illustrate  the  frequencies  at  which  the  zero-reactance  points 
(resonances)  occur  for  the  various  values  of  terminating 
inductance^.  The  retiim  loss  curves  show  a  narrow  pass  band  that 
scans  up  in  frequency  as  the  value  of  the  terminating  inductor  is 
decreased.  To  provide  data  for  direct  comparison  with 
measurement,  the  same  cases  were  run  without  the  transformer.  One 
result  is  shown  in  Figure  5.  Measured  data  for  these  cases, 

Ifhe  marker  frequencies  are  given  in  the  row  just  below  the  line 
containing  the  file  name  and  date.  The  first  four  frequencies 
apply  to  Markers  1-4  on  the  left-hand  plot  and  the  last  four 
frequencies  to  Markers  5-8  on  the  right-hand  plot.  The  next  row 
gives  magnitude  of  reflection  coefficient  at  Markers  1-4  and  the 
return  loss  in  dB  for  Markers  5-8. 
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referenced  to  the  upper  surface  of  the  ground  plane,  should  agree 
fairly  well  with  these  computed  values,  particularly  at  100  MHz. 
Data  at  the  higher  frequencies  would  permit  one  to  fix  more 
accurate  parameters  for  Equation  (3)  for  the  terminating  resistor 
R. 


6,  Physical  Model 

The  cone  was  made  from  0.030-in  thick  aluminum  sheet  metal  and  was 
formed  into  the  conical  shape  by  spinning  on  a  lathe.  The  ground 
plane  is  0.050-in  aluminum,  drilled  and  tapped  to  accept  screws 
for  affixing  the  panel-mount  coaxial  (SMA)  connector.  Dielectric 
shims  (Cj.  =  3.5)  serve  to  fix  the  cone  in  place  relative  to  the 
ground  plane.  A  RG-58  C/U  50-ohm  cable  was  used  to  connect 
between  the  antenna  and  the  HP8753C  network  analyzer. 

Three  sets  of  coils  were  wound  to  serve  as  the  terminating 
inductors.  Since  the  effects  of  interturn  capacitance  are 
considerable  at  the  frequencies  around  100  MHz,  the  inductors  were 
measured  independently  before  being  attached  to  the  antenna. 

The  inductances  of  the  coils  were  also  computed  from  the 
formula  [7] 


L  = 


/I  2., 2  2 

471  N  r 


K  - 

n 


£(a-t-b) 

TiNr 


where 


(4a) 
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(4b) 


K 

n 


l+0.9(r/£)-0.02(r/£)^ 


a  =  2.31og 
^10 


(4c) 


b  = 


0.336 


N 


r  J 


(4d) 


L  is  the  inductance  in  nanohenries,  N  is  the  number  of  turns,  I  is 
the  length  of  the  coil  in  centimeters,  r  is  the  coil  form  and  wire 
radius  (mean  turn  radius)  in  cm,  and  w  is  the  wire  diameter  in  cm. 
Computed  and  measured  inductances  for  the  three  different  coils 
are  summarized  in  Table  1. 


Table  1 

Computed  and  measured  inductances  for  loading  coils. 


1  Inductor  dimensions 

Inductance  (comp) 

I nduc  t ance  ( meas ) 

I 

6 . 8  turns ,  d=0 . 232" 
£=0.36",  w=0.051" 

167  nH 

162  nH 

II 

5.0  turns,  cl=0.232" 
£=0.36",  w=0.051" 

94  nH 

101  nH 

III 

5.0  turns,  d=0.123" 
£=0.42",  w=0.051" 

34  nH 

38  nH 

d  =  form  diameter,  I  =  inductor  length,  w  =  wire  diameter 
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Both  input  impedance  and  return  loss  data  were  recorded  with 
each  set  of  inductors.  A  Smith  chart  displaying  the  measured 
impedance  is  shown  in  Figure  6.  The  near  circular  locus  predicted 
in  Figures  *^3  and  4  is  seen  again  in  Figure  6.  The  expected  shift 
in  resonant  frequency  is  observed  as  the  inductance  values  are 
changed.  A  summary  of  the  computed  and  measured  resonant 
frequencies  is  given  in  Table  2.  Although  there  is  not  a  direct 
correspondence  of  the  inductances  between  the  computed  and 
measured  cases,  the  agreement  obtained  by  interpolation  is  good. 

Table  2 

Resonant  frequencies,  measured  and  predicted 


Case 

Coil  Ind. (nH) 

fr(MHz) 

Model  Ind. (nH) 

fr(MHz) 

I 

162 

95.1 

154 

100 

II 

101 

116.0 

30 

205 

III 

38 

151.5 

0.04 

400 

7.  Second  antenna  model 

The  second  experimental  model  consists  of  a  single  80-degree  cone 
with  four  series  inductance/capacitance  tuning  circuits  placed 
around  its  periphery.  The  same  cone,  ground  plane,  and  connector 
were  used.  The  terminating  impedances  are  each  an  inductance  and 
capacitance  connected  in  series.  Four  such  combinations  were 
connected  across  the  cone  aperture  at  equally  spaced  intervals 
around  the  periphery.  The  value  of  the  terminating  impedance  was 
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changed  first  by  changing  only  the  values  of  fixed  capacitors 
while  maintaining  the  same  inductances.  Later,  the  capacitance 
was  changed  by  varying  the  bias  voltage  across  varactors  in  series 
with  the  i-nauctors.  A  bias  tee  connected  to  the  coaxial  input 
connector  was  used  to  supply  the  bias  voltage  from  an  external 
supply. 

The  equivalent  circuit  of  Figure  2  was  modified  to  include 
the  effect  of  tuning  capacitors  in  series  with  inductive 
terminations.  It  has  been  analyzed  numerous  times  for  various 
terminating  inductors  and  capacitors.  The  computed  return  loss 
curves  show  a  narrow  pass  band  very  similar  to  those  shown  in 
Figures  3  and  4.  The  pass  band  scans  up  in  frequency  as  the 
capacitance  is  decreased.  Without  the  transformer  the  return  loss 
curves  are  like  that  of  Figure  5,  which  is  the  type  of  plot 
expected  for  measurements  made  at  the  tip  of  the  cone. 

A  high  resistcince,  zero  reactance  resonance  at  about  400  MHz 
can  be  achieved  by  loading  the  aperture  with  four  series 
combinations  of  a  46  nH  inductor  and  a  3.5  pF  capacitor.  This 
capacitance  corresponds  to  the  minimum  value  for  a  particular 
varactor.  As  the  bias  voltage  is  reduced  from  20  volts  to  2.5 
volts,  the  diode  capacitance  changes  from  3.5  to  27  pF  and  the 
resonant  frequency  of  the  antenna  would  change  from  about  400  MHz 
to  about  200  MHz.  The  computed  resonant  frequencies  at  the  lower 
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and  upper  limits  of  the  tuning  range  (216  and  397  MHz, 
respectively)  have  a  ratio  of  1.8.  It  is  desirable  to  increase 
the  tuning  ratio  to  2  or  more.  This  can  be  done  with  a  varactor 
that  has  capacitance  that  varies  from  about  2  to  16  pF.  These 
varactors  would  be  used  with  four  72  nH  inductors. 

8.  Measured  results 

The  first  measurements  were  made  with  each  one  of  four 
terminations  consisting  of  a  100  nH  inductor  in  series  with  a 
fixed  capacitor.  The  Smith  chart  plots  all  have  the  same 
appearance  as  those  of  Figures  3  and  4.  The  frequencies  of  zero 
reactance  for  each  value  of  capacitance  are  listed  in  Table  3. 

Table  3 

Frequencies  of  zero  reactance  versus  terminating  capacitance. 


Capacitance  (pF) 

Freq.  X=0  (MHz) 

none 

114.0 

100 

117.8 

30 

140.3 

15 

159.5 

10 

178.0 

4.7 

229.3 

When  the  fixed  capacitors  were  replaced  with  varactors  and  a 
voltage  applied  through  a  bias  tee  at  the  tip  of  the  cone,  the 
results  were  as  expected.  They  are  summarized  in  Figures  7  and  8 
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which  show,  respectively,  the  return  loss  measured  for  three 
different  voltages  and  a  plot  of  the  resonant  frequency  versus 
bias  voltage. 

10.  Wider  Bandwidth  Model 

The  first  two  experimental  models  demonstrated  the  capability  to 
scan  the  match  frequency  of  a  wide-angle  conical  monopole.  Since 
the  element  is  a  high-Q  resonator,  the  match  bandwidth  is  quite 
small.  For  applications  where  a  wider  match  bandwidth  is 
required,  adding  a  second  cone  may  supply  it.  The  third 
experimental  model  consists  of  two  cones,  one  with  angle  of  70 
degrees  and  one  with  angle  of  80  degrees,  with  four  terminating 
inductors  placed  around  the  periphery  of  each  cone. 

A  cross  section  of  the  antenna  structure  is  illustrated  in 
Figure  9.  Metallic  cones  with  6^  of  70  and  80  degrees  are 
supported  by  dielectric  spacers  so  that  the  cone  axes  are 
perpendicular  to  the  circular  groxand  plane.  The  radius  (distance 
from  tip  to  edge)  of  the  lower  cone  is  18.75  cm,  one  sixteenth  of 
the  wavelength  at  100  MHz.  The  upper  cone  has  a  radius  of  17.2  cm 
(one-sixteenth  of  a  wavelength  at  108.8  MHz).  To  tune  the  antenna 
at  approximately  100  MHz  the  values  of  each  of  the  terminating 
inductors  (not  shown  in  Figure  9)  should  be  approximately  154  nH, 
for  the  lower  cone,  and  148  nH,  for  the  upper  cone.  Minor 
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adjustments  in  the  values  of  the  inductors  should  lead  to  a  band¬ 
pass  characteristic  where  frequencies  contained  in  a  loop  on  the 
Smith  chart  produce  a  band-pass  characteristic  with  return  loss 
that  remains  almost  constant  for  those  frequencies  in  the  loop. 
By  gradually  reducing  the  sizes  of  these  inductors,  the  passband 
can  be  increased  to  the  vicinity  of  400  MHz  in  much  the  same 
manner  as  was  done  previously. 

11.  Two-Resonator  Model 

The  antenna  of  Figure  9  has  two  waveguiding  regions  that  are  each 
bounded  on  the  sides  by  cones,  excited  at  the  small  end  by  the 
incident  wave  on  the  coaxial  cable,  and  open  on  the  large  end 
which  allows  radiation.  If  we  associate  an  equivalent  line  with 
each  conical  guide,  it  is  apparent  that  these  lines  must  be 
connected  in  series,  as  shown  in  Figure  10,  to  properly  represent 
the  conditions  in  the  feed  region  of  the  nested  conical  monopoles. 
That  is,  the  output  voltage  of  the  transformer  in  Figure  10  is 
divided  between  the  inputs  to  the  transmission  lines  and,  at  the 
input,  the  current  in  the  lower  conductor  of  the  upper  line  is 
equal  to  that  in  the  upper  conductor  of  the  lower  line.  Hence, 
the  two  resonators,  radiating  conical  guides  in  the  antenna 
represented  by  terminated  line  sections  in  the  equivalent  circuit, 
are  effectively  connected  in  series  at  the  input  ends. 
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The  circuit  of  Figure  10  has  been  analyzed  for  numerous  sets 
of  parameters.  Typical  results  are  shovm  in  Figure  11.  The 
presence  of  two  resonators  in  the  system  produces  two  frequencies 
with  zero  Teactance.  When  the  two  resonant  frequencies  are  close 
together,  in  the  band  between  them  the  impedance  takes  a  circular 
locus  on  the  Smith  chart.  The  radius  of  the  circle  bounding  the 
data  becomes  smaller  as  the  resonant  frequencies  move  closer 
together.  The  center  of  the  near-circular  part  of  the  impedance 
locus  can  be  shifted  to  the  center  of  the  chart  by  attaching  a 
suitable  transformer  at  the  input  as  shown  in  the  circuit  of 
Figure  10.  Consequently,  the  input  SWR  (and  return  loss)  is  very 
nearly  constant  over  the  band  between  the  resonant  frequencies  as 
shown  in  the  right-hand  plot  of  Figure  11. 

Some  results  of  repeated  analysis  of  the  circuit  of  Figure  10 
are  summarized  in  Table  4.  The  frequencies  fi  and  fz  are  the 
resonances  and  HPBW  is  the  bandwidth  between  3-dB  points  on  the 
return  loss  plot. 
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Table  4 


Model  parameters  and  corresponding  performance  for  a  set  of  two 
nested  conical  monopoles  and  I2  =  22.5  degrees  at  f^  and  f2t 

respectively) . 


Li(nH) 

L2(ng0 

fi(MHz) 

fadfflz) 

HPBW (MHz) 

Ret  Loss(dB) 

SWR 

37.5 

38.5 

107 

100 

9.2 

13 

1.6 

37.0 

38.5 

108.8 

100 

11.2 

10 

1.9 

35.0 

38.5 

108.8 

100 

14.0 

7 

2.6 

Notice  the  trade-off  between  the  half-power  bandwidth  (HPBW)  and 
the  return  loss  in  the  passband.  The  bandwidth  can  be  increased 
as  the  degree  of  impedance  match  is  relaxed. 

Data  obtained  by  analyzing  the  circuit  of  Figure  10  without 
the  transformer  are  shown  in  Figure  12.  The  inductance  on  the 
longer  line  was  kept  constant  at  38.5  nH  whle  the  inductance  on 
the  shorter  line  was  varied  (35.0,  37.9,  and  37.5  nH)  for  the 
three  cases.  As  the  second  inductance  approaches  the  first  in 
value,  the  resonant  frequencies  move  closer  together  and  the  size 
of  the  loop  decreases.  These  computed  data  correspond  to 
experimental  data  measured  at  the  tip  of  the  cone  (no 
transformer).  Note  ,  however,  that  the  size  of  the  impedance  loop 
is  very  sensitive  to  the  value  of  the  second  inductance.  Although 
this  makes  very  difficult  correlation  between  parameters  of  the 
model  and  those  of  the  antenna,  it  is  nevertheless  possible  to 
demonstrate  the  expected  performance. 
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Figure  13  shows  three  cases  of  impedance  taken  with  the 
physical  version  of  the  double-resonator  antenna.  First,  eight 
coils  were  wound  as  identically  as  possible.  Then,  four  of  these 
coils  were  attached  to  each  cone  of  the  antenna  and  the 
inductances  of  the  coils  on  the  upper  cone  were  progressively 
decreased  by  increasing  the  separation  between  the  turns.  In  this 
way,  it  was  possible  to  obtain  the  three  sizes  of  impedance  loops 
shown  in  Figure  13.  This  demonstrates  that  the  bandwidth  of  a 
tunable  system  of  nested  conical  monopoles  can  be  adjusted  to  meet 
a  wide  variety  of  operational  requirements. 

12.  Conclusions 

For  some  applications  it  is  desirable  for  the  antenna  to  have 
vertically  polarized,  omnidirectional  radiation  in  azimuth,  but  to 
be  electrically  small,  particularly  in  height.  Since  small 
antennas  usually  have  highly  reactive  input  impedance,  issues  of 
impedance  matching  and  bandwidth  become  all  important.  The  input 
reactance  of  a  small,  wide-angle  (75  -  90  degree)  conical  monopole 
is  easily  made  zero  (resonant)  by  attaching  lumped  inductances 
across  the  narrow  radiating  aperture.  The  resulting  large 
resistance  at  the  input  can  be  converted  to  a  useable  lower  value 
by  means  of  a  transformer. 
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The  proper  terminating  reactance  for  a  given  frequency  can 
also  be  obtained  with  series  L-C  circuits.  Then,  the  frequency 
can  be  shifted  by  changing  either  the  inductances  or  the 
capacitance’^s.  For  continuous  tuning  the  series  capacitors  can  be 
replaced  with  varactors.  The  match  frequency  then  depends  upon 
the  dc  bias  voltage  that  is  supplied  through  a  coaxial  tee  at  the 
antenna  input. 

If  the  impedance  bandwidth  is  not  sufficient  for  a  given 
application,  it  can  be  increased  by  introducing  a  second  resonance 
with  another  conducting  cone,  nested  with  the  first  so  that  the 
overall  height  is  not  significantly  increased.  The  proper 
transformer  at  the  input  produces  a  near-constant  return  loss  over 
the  band  between  the  two  resonances.  A  trade-off  exists  between 
the  return  loss  and  bandwidth. 
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Figure  1.  Inductance-loaded,  wide-angle  conical  monopoie. 
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Figure  2.  Equivalent  circuit  for  impedance 
prediction  of  a  conical  monopole. 
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inductor  of  7.5  nH  and  no 


Figure  7. 


Magnitude  of  reflection  coefficient  as  a  functi 
varactor  bias  voltage. 
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Figure  8.  Resonant  frequency  versus  varactor  bias  voltage. 


Figure  9.  Two  conical  monopoles  fed  in  series 


Figure  10.  Equivalent  circuit  for  impedance  prediction  for  a 
set  of  two  nested  conical  monopoles  in  series. 
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Figure  11.  Computed  input  impedance  and  return  loss  for  circuit  of  Figure  10. 
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PHOTONIC-BASED  TUNING  AND 
CONTROL  OF  ANTENNA  ELEMENTS 
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Toyon  Research  Corporation 
75  Aero  Camino,  Suite  A 
Goleta,  CA93117 


Abstract:  There  are  many  techniques  for  optically  carrying  an  RF  signal  from  an 
anterma  element  to  its  receiver,  thereby  optically  isolating  the  antenna.  However,  if 
the  anterma  needs  to  be  tuned  or  the  matching  network  needs  to  be  controlled,  then 
it  is  desirable  to  perform  that  function  optically  as  well.  We  show  that  an  optically 
linked,  electrically  small  loop  can  be  tuned  over  almost  an  octave  of  bandwidth  by 
using  remote  optical  control  via  an  optically  variable  reactance.  Both  theoretical  and 
experimental  results  are  presented. 

Optically  controlled  reactive  loads  can  be  placed  in  the  arms  of  an  antenna  element 
as  a  control  device.  We  show  that  the  anterma’ s  radiation  pattern  can  be  steered  by 
varying  the  reactive  impedance  value  photonically.  Theoretical  examples  are 
presented  for  a  spiral  anterma. 


1.  Introduction 

Since  the  early  1980s,  research  groups  have  been  investigating  the  use  of  photonic 
modulation  devices  connected  to  optical  fiber  systems  for  distribution  of  analog  RF 
signals  in  anterma,  phased  array,  and  electromagnetic  field  sensor  systems  [1-4]. 
Potential  applications  include  electromagnetic  emissions  monitoring,  nuclear  and 
lightning  generated  electromagnetic  pulse  measurements,  anechoic  chamber 
calibration  and  mapping,  near-field  probing,  antenna  remoting,  direction  finding,  and 
radar  systems,  as  well  as,  novel  reconfigurable  antenna  and  phased  array  feed 
designs. 
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In  conventional  systems,  signals  gathered  by  an  antenna  or  array  of  antennas  are 
usually  fed  to  the  receive  electronics  using  metallic  transmission  lines  or  waveguides. 
These  cables  can  inhibit  the  performance  of  the  system  response  characteristics  in  a 
number  of  ways: 

1)  Directly  perturbing  the  local  field  environment; 

2)  Attenuating  and  band-limiting  the  received  signals  through  long  cable  runs; 

3)  Limiting  low  observability; 

4)  Allowing  electromagnetic  interference  and  crosstalk; 

5)  Adding  weight  to  the  antenna  or  antenna  ^ay  system. 

Metallic  waveguide  and  cable  problems  can  be  avoided  by  replacing  the  feed  system 
with  a  fiber-optical  link  and  modulator  system.  Optical  fiber  and  photonic  devices 
offer  many  advantages  to  the  antenna  and  sensor  designer: 


Low  transmission  loss  over  long  distances  compared  to  conventional 

coaxial  and  waveguide  feeds 

Light  weight 

Small  size 

Broad  bandwidth 

Immunity  from  electromagnetic  interference  and  crosstalk 
Low  observability  due  to  the  dielectric  nature  of  the  fibers 
Non-interfering  control  lines 


The  RF  attenuation  in  optical  fiber  is  less  than  0.5  dB  /  km  compared  to  greater  than 
10  dB  /  km  in  coax  or  waveguide  systems.  The  low  dielectric  constant  of  glass 
optical  fiber  reduces  the  RCS  of  the  probe’s  feed  system. 


In  a  photonic-based  anteima  link,  the  RF  signal  from  the  antenna  element  drives  an 
optical  modulator  which  puts  the  RF  signal  on  an  optical  carrier.  Figure  1.  The  RF 
signal  is  then  carried  to  the  receiver  via  optical  fiber.  There  are  two  types  of  optical 


383 


modulation  schemes  commonly  used  —  direct  and  external  modulation  [5],  In  direct 
modulation  systems,  the  optical  output  of  a  laser  at  the  RF  source  is  directly 
modulated  by  applying  the  RF  signal  to  the  laser’s  bias  current.  This  approach 
requires  the  laser  and  its  power  source  to  be  located  at  the  antenna.  This  precludes 
the  direct  modulation  approach  from  being  used  in  many  antenna  remoting  systems. 
Externally  modulated  systems  use  a  nominally-passive  electro-optical  modulator  at 
the  antenna  to  modulate  the  laser  light  which  is  delivered  via  optical  fiber.  In  this 
approach,  the  optical  source  and  the  receive  electronics  can  be  collocated  at  a  remote 
location.  External  modulation,  the  most  common  technique  used  in  antenna  links, 
is  the  technique  used  in  this  paper. 
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RF  Input 
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RF  Modulated  Light 
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Figure  1.  Photonic  connection  of  an  antenna  element  to  a  remote  receiver. 

Electro-optic  modulators  using  the  linear  electro-optic  (Pockel's)  effect  [6]  are  the 
principal  devices  used  in  external  photonic-based  antenna  link  systems.  When  an 
electric  field  is  applied  to  a  material  exhibiting  the  Pockel's  effect,  the  material's 
optical  index  of  refraction  changes  in  direct  proportion  to  the  applied  field.  If  light 
is  propagated  through  the  material,  the  applied  field  modulates  the  phase  of  the 
optical  signal. 
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In  1978,  Bassen  [7]  patented  the  use  of  an  integrated-optical  amplitude-modulator  as 
part  of  a  remote  antenna  link.  Since  that  time,  several  research  groups  have 
successfully  used  the  integrated-optics  (10)  Mach-Zehnder  interferometer  (MZI)  as 
the  modulating  device  in  antenna  link  systems.  An  integrated  optics  MZI  can  be 
made  by  doping  interferometer  waveguides  directly  into  a  crystal  (such  as  lithium 
niobate)  or  other  materials  (such  as  nonlinear  optical  polymers  and  III-V 
semiconductors)  which  exhibit  Pockel's  effect  and  then  depositing  electrodes  on  the 
surface  as  shown  schematically  in  Figure  2. 
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Figure  2.  Typical  layout  for  an  integrated  optics  MZI  modulator. 


Coherent  light  entering  the  interferometer  is  split  equally  into  the  two  arms.  Along 
one  arm  of  the  interferometer,  electrodes  connected  to  the  antenna  element  induce  a 
voltage  across  the  optical  path.  This  voltage  produces  a  phase  change  proportional 
to  the  voltage.  This  results  in  an  output  signal  that  is  amplitude  modulated  when  the 
two  paths  are  combined  in  the  output  of  the  MZI.  The  resulting  light  intensity  output 
is  a  function  of  voltage  applied  to  the  electrodes. 


Figure  3  shows  an  equivalent  circuit  model  for  an  MZI.  The  lumped  element  MZI 
behaves,  to  a  good  approximation,  as  a  lead  resistance  in  series  with  a  parallel 
combination  of  the  electrode  capacitance  and  the  dielectric  resistance  through  the 
electro-optic  material.  In  most  cases,  the  leakage  current  through  the  electro-optic 
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material  can  be  ignored  so  that  the  modulator  impedance  is  represented  as  a  resistor 
and  capacitor  in  series.  The  input  signal  of  concern  is  then  the  voltage  developed 
across  this  capacitor. 


Figure  3.  Equivalent  circuit  for  the  MZI  device  shown  in  Figure  2. 


Commercially  available  modulators  have  demonstrated  bandwidth  performance  up 
to  35  GHz  [8].  The  operating  bandwidth  of  optically  linked  antenna  systems  is, 
however,  generally  limited  by  the  frequency  response  of  the  antenna,  matching 
network,  and  the  electrodes  feeding  the  optical  modulator  -  not  by  the  optics.  For  an 
increased  bandwidth,  traveling  wave  electrodes  are  used  with  integrated  optical  MZI 
systems  in  order  to  better  match  the  optical  wave  velocity  with  the  RF  velocity. 
Bandwidths  up  to  60  GHz  have  been  demonstrated  using  this  approach. 


Figure  4  shows  the  main  components  of  an  externally  modulated,  photonically 
linked  antenna  system.  Conceptually,  the  system  is  very  simple.  A  lightwave 
generated  by  the  laser  is  transmitted  through  the  fiber  to  the  modulator  where  it  is 
modulated  by  the  RF  output  at  the  sensor  antenna’s  matching  network  terminals.  The 
modulated  lightwave  is  then  transmitted  by  optical  fiber  to  an  optical  detector  and 
converted  back  to  an  electrical  RF  signal.  Separate  fiber  can  be  run  to  optically 
control  the  tuning  of  the  antenna  or  control  other  parameters  in  the  antenna  element 
itself 
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Fiber 

Figure  4.  Simplified  schematic  diagram  of  main  components  of  sensor  system. 

For  the  best  performance,  low-noise,  high-power  solid-state  lasers  operating  in 
continuous-wave  mode  are  used  as  the  optical  sources.  At  present,  the  input  fiber 
from  the  laser  to  the  MZl  must  be  a  polarization-preserving  fiber.  This  is  required  by 
the  polarization  dependence  of  the  MZl.  The  RF  amplitude  modulated  laser  light 
coming  out  of  the  MZl  is  sent  down  a  single  mode  optical  fiber  where  it  is  detected 
with  an  optical  receiver  consisting  of  a  photodetector  and  a  low-noise  amplifier. 

Dynamic  range  for  a  photonic  link  can  be  defined  in  several  ways.  A  common  way 
is  to  define  the  bottom  of  the  range  as  the  output  noise  level  of  the  system  and  the 
upper  end  as  the  point  where  the  third  harmonic  generated  by  the  electro-optic 
modulator  (an  inherently  nonlinear  device)  comes  above  the  noise  floor.  Using  this 
spurious-free  distortion  limit  definition  of  dynamic  range  it  is  possible  to  obtain 
about  80  dB  of  dynamic  range  in  a  100-kHz  bandwidth  if  a  low  noise  laser  is 
used  [9].  When  interfering  signals  are  not  present  (or  at  least  not  likely)  the  dynamic 
range  can  be  defined  as  the  maximum  linear  signal-to-noise  ratio  possible.  This  is 
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usually  taken  as  the  distance  from  the  1  dB  compression  point  to  the  noise  floor.  This 
compression-limited  dynamic  range  is  typically  as  high  as  150  dB. 

2.  Tuning  of  Photonically  Linked  Antennas 

Connecting  optical  modulators  and  fiber  optic  links  to  an  antenna  allows  flexibility 
in  the  system  design  beyond  that  available  by  conventional  systems.  This  is  due  to 
two  inherent  properties  of  the  optical  links  and  modulators:  1)  The  bandwidth  of 
optical  modulators  and  optical  links  can  be  very  broad;  and  2)  The  effective 
impedance  of  the  optical  modulator  is  reactive  with  a  very  small  (a  few  ohms) 
resistive  component. 

The  broad  bandwidth  allows  the  potential  for  connecting  a  broadband  anteima  to  the 
link  and  remoting  the  receiver  electronics.  For  example,  in  a  measurement  one  might 
connect  a  probe  anteima  with  more  than  a  decade  of  bandwidth  (such  as  the  cavity 
backed  spiral  antenna)  to  the  optical  link.  Using  photonic  modulators  and  links  for 
this  provides  broad  bandwidth  capability  with  low  loss  in  the  optical  links.  However, 
it  has  some  drawbacks.  It  still  uses  conventional  antennas  which  must  be 
mechanically  supported  and  can  have  a  fairly  large  interaction  with  the  antenna  or 
system  imder  test.  A  photonically  linked  system  can  provide  a  way  around  such 
drawbacks. 

The  highly  reactive  impedance  of  the  MZI  modulator  allows  one  to  construct  a  field 
sensor  system  that  has  high  sensitivity  but  small  physical  size  and  electromagnetic 
cross  section.  As  mentioned  above,  the  MZI  impedance  is  generally  capacitive  with 
some  resistive  losses  due  to  the  small  diameter  of  the  electrodes  and  their  leads  (see 
Figure  3).  This  difference  in  the  load  lends  itself  to  narrow  band  matching  with  small 
antermas,  such  as  short  dipoles  or  small  loops. 
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An  electrically  short  dipole  antenna  or  electrically  small  loop  can  be  connected  to  an 
MZI  with  a  matching  /  tuning  circuit  such  that  the  overall  circuit  Q  is  very  high  and 
the  voltage  gain  of  the  circuit  can  be  20  dB  or  more.  This  is  possible  because  the 
resistive  losses  in  an  electrically  short  antenna  due  to  radiation  and  attenuation  are 
just  a  few  ohms.  Hence,  the  impedance  of  the  antenna  can  be  combined  with  the 
impedance  of  the  MZI  and  a  tuning  circuit  to  form  a  series  resonant  circuit  with  only 
a  few  ohms  of  resistance.  This  resonant  circuit  can  then  be  tuned  over  a  large  band 
by  changing  the  capacitance  of  the  tuning  circuit.  Figure  5  presents  a  block  diagram 
of  this  concept  using  a  small  loop  antenna  connected  through  a  matching  network  to 
an  optical  modulator.  Figure  6  presents  a  schematic  diagram  for  the  antenna  system 
of  Figure  5. 

Conventional  approaches  for  tuning  the  antenna  /  matching  network  described  above 
require  electrical  (hard  wire)  connectivity  to  the  tuning  circuit.  This  is  not  appropriate 
for  optical-based  sensor  systems  because  it  defeats  the  passive  nature  of  the  fiber 
optical  link.  However,  with  the  use  of  Toyon’s  optically  variable  capacitor  (OVC™), 
it  is  possible  to  control  the  reactance  of  devices  optically,  while  maintaining  the  all¬ 
dielectric  characteristic  of  the  link.  The  capacitance  can  be  varied  over  almost  a 
decade.  Tuning  circuits  have  been  built  that  allow  an  antenna's  resonance  to  be  swept 
over  nearly  an  octave  of  bandwidth  by  changing  the  intensity  of  light  incident  on  the 
tuning  circuit. 

To  test  the  complete  photonic  link  and  control  of  a  loop  antenna  as  shown  in 
Figure  5,  we  built  a  half-loop  antenna  above  a  ground  plane  and  reactively  matched 
(See  Figure  6)  it  to  a  MZI  modulator  using  an  OVC™.  The  diameter  of  the  loop 
was  1 .5  cm.  A  half  loop  antenna  was  used  because  we  planned  to  illuminate  it  in  a 
TEM  (Crawford)  cell  [10]  and  needed  to  feed  it  against  a  ground  plane. 
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Figure  5,  Block  diagram  of  a  photonically  connected  and  controlled 
electrically  small  loop  antenna. 


Loop  Optical  MZI 

Antenna  Tuning  Model 


Circuit 

Figure  6.  Schematic  diagram  of  the  equivalent  circuit  for  the  photonically 
connected  antenna  of  Figure  5. 
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Before  performing  the  measurements,  we  modeled  the  entire  system  in  our 
PHLASH™  code.  PHLASH’^”  is  a  PC/Windows-based  system  engineering  tool  for 
predicting  the  performance  of  sensor  and  antenna  systems  which  include  a  fiber  optic 
link  in  their  architecture.  This  particular  link  included  an  MZI  with  a  of  5.6  volts. 
The  link  was  driven  with  only  6  mW  of  laser  power.  Hence,  the  link  was  not 
designed  for  optimal  link  gain  or  sensitivity.  Figure  7  shows  the  predicted  link  gain 
values  for  the  two  extreme  values  of  our  OVC’^”-  For  the  dark  case  the  capacitance 
was  19  pF  and  the  loop  was  tuned  to  248  MHz.  For  the  case  of  maximum  light  on, 
the  OVC™  produced  a  capacitance  of  3  pF  and  the  loop  was  tuned  to  408  MHz. 


150  250  350  450  550 

Frequency  (MHz) 


Figure  7.  Predicted  link  gain  for  the  1 .5-cm  diameter  half-loop  antenna 

reactively  matched  to  the  MZl-based  link.  The  two  extreme  states 
of  the  OVC^“  tuning  capacitor  are  shown. 

Figure  8  shows  the  measured  gain  for  the  tuned  half-loop  link.  The  measured  gain 
is  uncalibrated  because  of  the  TEM  cell  measurements.  The  tuning  range  and  the  Q 
values  were  of  principal  interest  to  us.  From  Figure  8  the  tuning  range  is  seen  to  go 
from  242  MHz  to  413  MHz  or  71%  which  is  greater  than  that  which  we  had 
predicted.  The  measured  Q  is  seen  to  be  fairly  close  to  the  predicted  value. 
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f  =242  MHz  f  =413  MHz 


Figure  8.  Measured  link  gain  (uncalibrated)  for  the  1 .5-cm  diameter  half¬ 
loop  antenna  reactively  matched  to  the  MZI -based  link. 

The  above  test  was  not  optimized  for  link  sensitivity.  It  was  done  to  prove  that  a 
small  antenna  could  be  tuned  and  connected  photonically.  Subsequent  to  this  test,  we 
used  PHLASH  to  predict  what  the  link  gain  and  sensitivity  for  a  loop  antenna  with 
a  4-cm  loop  diameter.  We  optimized  the  photonic  link  parameters  to  reflect  the  state- 
of-the-art  available  today.  We  used  a  MZI  with  a  of  0.75  volts  and  a  laser  with 
150  mW  of  output  power. 


Figure  9  presents  the  predicted  link  gain  for  the  4-cm  loop  and  optimized  link.  In 
this  study,  the  same  OVC™  was  used.  The  larger  antenna  caused  the  tuning  range  to 
be  lowered  to  180  to  300  MHz.  The  tuning  bandwidth  was  66%,  which  is  the  same 
as  that  predicted  with  the  smaller  antenna.  However,  in  this  case,  the  link  power  gain 
is  predicted  to  be  about  22  dB.  Figure  10  shows  that  this  translates  into  a  minimum 
detectable  field  of  less  than  10  pV/meter  at  the  tuned  value.  It  is  interesting  to  note, 
for  the  light-off  case,  the  minimum  sensitivity  stays  lower  than  100  pV/meter  from 
below  100  MHz  to  above  350  MHz. 
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Frequency  -  MHz 


Figure  9.  Predicted  link  gain  for  a  4-cm  diameter  loop  antenna  reactively 
matched  to  an  optimized  MZI-based  photonic  link.  The  gain  is 
shown  for  the  two  extreme  settings  of  the  OVC^'^  capacitor. 


Frequency  -  MHz 


Figure  10.  Predicted  minimum  detectable  electric  field  for  the  4-cm 

diameter  loop  antenna  reactively  matched/tuned  to  an  optimized 
MZI-based  photonic  link. 
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Figure  11  presents  the  predicted  dynamic  range  in  a  10-kHz  bandwidth  for  this 
system.  The  spurious-free  dynamic  range  (SFDR)  is  nearly  90  dB  everywhere  except 
at  the  point  of  maximum  link  gain.  The  dynamic  range,  as  it  is  calculated  for  the 
photonic  link,  is: 

SFDR  =  -(IP 3  -  P  J 

3  ^  0,  mas 

=  ^(IP3  +  174  dBm  -  NF  -  \0\og(B)  -  G  )  , 

3  ^ 


where  IPS  is  the  third  order  intercept  point  for  the  MZI,  Po^^ds  is  the  minimum 
detectable  signal  at  the  output  of  the  link,  NF  is  the  link  noise  figure,  is  the  link 
gain,  and  the  -174  dBm  =  kT. 


Figure  11.  Predicted  dynamic  range  for  the  4-cm  diameter  loop  antenna 
reactively  matched/tuned  to  the  optimized  MZI-based  photonic  link. 
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The  minimum  detectable  signal  at  the  output  of  the  link  is  defined  as; 

=  -llAdBm  +  10  1og5  +  NF  + 

From  the  expression  for  SFDR,  it  is  clear  that  as  the  link  gain  goes  up,  the  dynamic 
range  goes  down.  Hence,  design  tradeoffs  can  be  performed  to  maximize  dynamic 
range  at  the  expense  of  link  gain. 

3.  Antenna  Pattern  Control 

In  the  previous  section,  we  looked  at  optical  control  within  the  RF  link  of  an  antenna 
for  the  purpose  of  matching  and  tuning  the  antenna  feed.  This  was  accomplished  by 
placing  a  circuit  with  a  variable  capacitor  between  the  antenna  terminal  and  the 
modulator.  We  now  theoretically  examine  the  idea  of  placing  variable  lumped  loads 
in  the  arms  of  the  antenna  itself  Each  load  circuit  could  contain  an  optically  variable 
capacitor  which  would  be  used  to  alter  the  load  impedance.  This  has  the  effect  of 
changing  current  distributions  on  the  antenna  and,  hence,  the  antenna  characteristics. 
This  is  illustrated  in  Figure  12.  Such  an  alteration  of  antenna  properties  is  referred 
to  as  photonically-controlled  reconfiguration  and  it  is  accomplished  without  any 
geometric  change  in  the  antenna.  Also,  the  use  of  optical  control  to  reconfigure  the 
antenna  along  with  a  photonic  link  provides  complete  RF  isolation. 

Figure  13  presents  an  equivalent  circuit  diagram  for  the  system  shown  in  Figure  12. 
Both  the  antenna  impedance,  Z^,  and  the  antenna  length,  L^,  are  variable  since  they 
depend  on  the  choice  of  the  capacitance  values  for  the  control  elements  within  the 
lumped  load  circuits.  The  capacitor  values  in  turn  depend  upon  the  optical  power 
delivered  to  each  of  them.  This  can  be  expressed  as: 
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Figure  12,  Photonically-controlled  reconfigurable  antenna. 
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Figure  13.  Equivalent  circuit  of  antenna/reconfigurable  external  photonic  link. 
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Za=  ZA(f;Pi,P2, ...) 
LA-LA(f,av;P„P2,...) 


where  (Q,  v)  refer  to  the  direction  and  polarization  of  the  source  and  P^  is  the  optical 
power  in  the  control  signal  being  delivered  to  the  nth  optically  variable  capacitor. 
The  values  of  Pj,  P2,  —  can  be  optimally  chosen  to  give  Z^  and  desirable 
properties.  This  must  be  done  in  such  a  way  so  that  each  P^  does  not  exceed  a 
saturation  value. 

To  illustrate  the  idea  of  a  photonically  reconfigurable  antenna,  we  performed  a 
numerical  analysis  with  the  planar  spiral  antenna  shown  in  Figure  14.  The  antenna 
element  is  a  15-cm  diameter  two-arm  spiral  located  2  cm  above  a  ground  plane.  This 
antenna  is  basically  an  extension  of  the  center  conductor  of  a  coax  feed.  The  feed 
point  is  at  the  ground  plane.  This  provides  a  natural  balance  between  the  current 
flowing  to  the  antenna  and  the  current  flowing  in  the  ground  plane.  The  and 
values  are  referenced  to  this  feed  point.  Photonically  variable  capacitors  were  located 
along  the  spiral  arms  as  shown.  In  the  study  we  chose  Pj,  P2, ...,  Pg  to  maximize  the 
RHCP  gain  for  different  directions  at  2.6  GHz.  Any  direction  could  be  chosen,  but 
we  limited  ourselves  to  the  vertical  plane  containing  the  line  of  capacitors  shovm  in 
Figure  14.  We  could  also  have  optimized  the  efficiency  of  the  antenna  by  matching 
Z^  to  the  load  impedance  at  the  feed.  This  would  have  accomplished  the  same  thing 
as  the  more  conventional  approach  of  matching  the  feed  to  the  antenna.  The 
difference  here  is  that  the  antenna  would  have  been  reconfigured  to  match  the  feed. 
In  a  practical  implementation  of  such  an  antenna  this  would  be  an  important 
condition  to  maintain  while  steering  the  gain  pattern  for  different  directions. 
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Figure  14.  Archimedean  spiral  antenna;  2  arms,  5  turns  each. 


The  antenna  gain  is  given  as, 


G(Q,  v)  =  (7tC/A2)lLA|2/RA 


where  C  =  377  ohms  and  is  the  resistive  component  of  Z^.  For  this  problem  we 
chose  V  to  correspond  to  RHCP  and  Q  was  restricted  to  a  single  vertical  plane.  The 
gain  G  was  maximized  for  several  different  elevation  angles  by  choosing  an 
appropriate  set  of  Pj,  P2,  Pg  values  for  each  direction.  For  each  case  the  resulting 
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gain  patterns  were  plotted  across  the  2.5  to  2.7  GHz  band.  Samples  of  these  are 
shown  in  this  paper. 

Figure  15  shows  the  RHCP  gain  pattern  (dBic)  as  a  function  of  elevation  in  the 
vertical  plane.  In  this  case  there  were  no  control  loads  along  the  spiral  arms.  This 
serves  as  a  baseline  case  that  can  be  used  for  comparison  to  see  the  effect  on  gain  of 
reconfiguring  the  antenna.  Figures  16  through  19  show  reconfigured  gain  patterns. 
The  antenna  element  is  being  steered  by  appropriately  varying  the  optically 
controlled  capacitors.  Figure  16  shows  the  gain  pattern  that  resulted  from  choosing 
the  capacitances  to  optimize  the  gain  at  45  °  of  elevation.  For  Figure  17  the  gain  was 
optimized  for  60°.  For  Figures  18  and  19,  the  gain  was  optimized  for  75°  and  90°, 
respectively.  For  each  of  these  cases  the  maximum  gain  was  5  to  6  dBic  across  the 
band. 


Figure  15.  Gain  (dBic)  in  elevation  plane;  no  control  loads. 
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Figure  18.  Gain  (dBic)  in  elevation  plane;  Capacitors  chosen  for  75 


Figure  19.  Gain  (dBic)  in  elevation  plane;  Capacitors  chosen  for  90 


5.  Summary 

In  this  paper  we  presented  experimental  data  demonstrating  that  an  photonically 
linked,  electrically  small  loop  antenna  can  be  tuned  over  a  71%  bandwidth  using  an 
optically  variable  capacitor.  This  technique  can  potentially  give  a  very  sensitive  small 
receive  antenna  that  is  completely  isolated  optically.  This  bodes  optimistically  for 
building  anteima  chamber  or  near  field  probes  that  do  not  greatly  perturb  the  fields 
they  are  measuring. 

We  also  presented  a  theoretical  study  demonstrating  that  optically  variable 
capacitors,  when  placed  in  the  arms  of  a  spiral  antenna,  can  be  used  to  beam  steer  a 
single  antenna  element.  A  number  of  interesting  applications  can  be  envisioned  for 
photonically  reconfigurable  antenna  elements.  They  can  be  rapidly  and/or  adaptively 
steered  non-mechanically.  The  fact  that  the  antenna  can  be  tuned  to  the  feed  has  the 
potential  of  simplifying  feed  designs.  The  use  of  optical  fibers  both  for  control  as 
well  as  carrying  the  signal  permits  anterma  remoting  as  well  as  RF  isolation. 
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Abstract 

We  are  currently  experimenting  with  the  use  of  genetic  algorithms  (GAs)  to  solve 
for  the  unknown  transfer  function  of  low  cost  or  degraded  antenna  arrays.  We  develop 
adaptive  array  software  which  can  learn  to  synthesize  patterns  and  form  beams  with 
non-ideal  arrays  in  imperfect  environments.  Our  goal  is  to  reduce  the  costs  of  phased 
arrays  by  any  means  possible,  while  maintaining  acceptable  array  performance.  This 
effort,  which  can  have  enormous  cost  benefits  to  the  warfighter,  is  part  of  a  larger 
“neural  beamforming”  project  [1].  Results  from  the  GAs  will  be  used  as  training 
points  for  a  neural  network  which  will  learn  to  generalize  beam-steering  control  of  the 
array  [2] . 

In  this  paper,  we  present  a  genetic  algorithm'  which  determines  the  attenuator  and 
phase-shifter  settings  required  to  create  a  desired  beam.  We  describe  the  structure  of 
the  chromosome  which  we  designed,  and  the  genetic  encodings  and  operators  which 
have  proven  most  successful  at  solving  this  beamforming  problem.  We  present  results 
showing  how  the  genetic  algorithm  solves  the  beamforming  problem  with  simulated 
antenna  models.  We  also  present  experimental  results  applying  the  genetic  algorithm 
to  an  eight  element  linear  array.  This  array,  which  only  has  phase  control,  uses  Reggia- 
Spencer  phase  shifters  which  are  nonlinear  and  adversely  coupled  with  the  elements’ 
attenuation.  The  GA  will  be  used  with  this  antenna  to  find  the  optimal  beam  steered 
patterns  at  several  azimuthal  angles 

*Work  performed  under  USAF  Contract  9^F19628-92-C-0177. 
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1  Introduction 


Our  overall  goal  is  to  solve  for  the  unknown  transfer  characteristics  of  low  cost  or  degraded 
antenna  arrays.  Many  manufactured  arrays  contain  elements  with  nearly  identical  transfer 
characteristics,  and  compensation  for  these  small  differnces  is  accomplished  via  a  near  field 
or  far  field  calibration.  A  “degraded”  antenna  array,  on  the  other  hand,  may  possess  any 
combination  of  the  following  properties:  nonlinear  phase  shifters  and  attenuators,  degraded 
performance  as  a  result  of  prolonged  exposure  to  unfavorable  environmental  conditions,  and 
“dead”  elements  that  can  not  be  easily  replaced  because  of  the  remote  location  of  the  array. 

Although  the  transfer  characteristics  of  such  arrays  inhibit  the  use  of  traditional  beam- 
forming  algorithms,  a  one-to-one  mapping  from  input  to  output  may  still  exist.  Once  the 
transfer  function  of  the  system  is  established,  we  can  steer  the  main  beam  of  the  antenna 
pattern  for  real  time  applications.  We  plan  to  implement  a  strategic  combination  of  neural 
networks,  fuzzy  logic,  and  genetic  algorithms  to  accomplish  this  task. 

An  adaptive  radial  basis  function  (ARBF)  neural  network  is  able  to  perform  function 
approximation  when  provided  with  appropriate  training  data  [3,  4].  In  our  example,  the 
function  that  we  wish  to  approximate  is  the  transfer  function  of  a  degraded  array.  “Training 
data”  are  points  that  are  experimentally  known  to  lie  on  the  transfer  function  curve.  For 
example,  if  we  know  the  phase-shifter  settings  that  form  a  main  beam  at  broadside,  then 
this  is  considered  a  training  point.  The  phase-shifter  settings  that  form  a  beam  at  10°  is 
another  training  point,  and  so  on. 

Now  suppose  that  we  have  access  to  the  phase-shifter  settings  that  form  beams  from  —90° 
to  90°  in  10°  increments  for  a  total  of  19  training  points.  The  ARBF  neural  network  should 
be  able  to  generalize  between  training  points  after  it  is  properly  trained.  In  essence,  the 
algorithm  and  architecture  of  the  network  “learn”  the  transfer  function  of  the  array  between 
the  training  points,  as  well  as  at  these  points  themselves.  Hence,  the  network  should  provide 
the  phase-shifter  settings  for  any  specified  angle  between  —90°  and  90°,  despite  the  fact  that 
only  a  finite  number  of  data  points  are  experimentally  known  [2]. 

Yet,  how  does  one  obtain  the  initial  training  points?  If  the  phase-shifters  and  attenuators 
on  the  array  are  linear,  and  if  all  of  the  individual  elements  are  identical,  then  the  phase- 
shifter  settings  that  correspond  to  a  particular  main  beam  angle  can  be  solved  by  traditional 
methods.  With  such  an  ideal  antenna,  of  course,  all  beam  positions  could  be  calculated 
analytically  and  we  wouldn’t  need  a  neural  network.  If  the  phase-shifters  and  attenuators 
behave  nonlinearly,  however,  and  if  the  individual  elements  are  nonuniform,  then  the  problem 
is  unsolvable  by  analytical  means.  In  addition,  the  mathematical  space  containing  all  possible 
phase-shifter  and  attenuator  setting  combinations  is  too  immense  to  search  exhaustively  for 
an  exact  or  optimal  solution. 
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For  these  reasons  we  propose  to  use  a  genetic  algorithm  (GA)  to  solve  for  the  phase- 
shifter  settings.  GAs  are  capable  of  finding  optimal  solutions  to  problems  that  possess  large 
solution  spaces.  Convergence  is  achieved  through  a  directive  search  method  that  relies  largely 
on  stochastic  operators. 

In  this  paper,  we  first  briefly  introduce  the  underlying  concepts  pertaining  to  GAs.  Next, 
we  illustrate  these  ideas  with  a  simple  array  pattern  synthesis  problem  simulated  in  MAT- 
LAB.  Finally,  we  describe  the  experiment  in  which  we  synthesize  several  array  patterns  using 
GAs  on  a  non-ideal  antenna. 

2  Genetic  Algorithms 

Genetic  Algorithms  (GAs),  as  the  name  implies,  are  modeled  after  Charles  Darwin’s  theory 
of  “survival  of  the  fittest”.  Applications  of  these  programs  already  exist  in  many  areas, 
including  marketing  analysis,  VLSI  technology,  and  music  generation  [5].  Recently,  genetic 
algorithm  solutions  have  been  proposed  to  electromagnetics  problems  as  well.  [6,  7,  8]. 

To  apply  a  GA,  you  first  represent  the  problem  as  a  string  of  characters.  Traditionally, 
binary  format  is  used  in  which  the  characters  are  restricted  to  be  either  a  “1”  or  “0”. 
Initially,  you  create  random  strings  to  form  the  first  population.  This  is  the  starting  point 
of  the  evolution  process.  Each  string  is  analogous  to  an  individual  confined  to  a  particular 
environment  in  which  only  the  strongest  members  will  survive  and  procreate.  In  reality, 
the  string  represents  one  possible  solution  to  the  defined  problem.  The  binary  information 
contained  on  the  string  is  processed  and  then  compared  with  the  desired  or  ideal  solution 
to  determine  how  “fit”  the  string  is  to  remain  in  the  environment  and  reproduce  some  of 
its  genetic  material.  The  most  fit  strings  produce  offspring  while  the  weaker  individuals 
are  eliminated.  After  several  generations,  a  string  is  produced  that  represents  an  optimal 
solution  to  the  specified  problem,  and  the  algorithm  is  completed. 

Perhaps  the  best  way  to  demonstrate  the  power  of  these  algorithms,  as  well  as  highlight 
the  important  concepts,  is  to  step  through  an  example  from  beginning  to  end.  In  the  next 
several  paragraphs  we  will  describe  our  initial  simulated  experiment. 


3  GA  Pattern  Synthesis 

Consider  an  ideal,  linear,  eight-element,  isotropic  array  with  half-wavelength  spacing  between 
adjacent  elements  as  shown  in  Figure  1.  Each  element  has  a  three-bit  attenuator  and  a  three- 
bit  phase-shifter.  The  problem  is  to  find  the  attenuator  and  phase-shifter  settings  that  will 
produce  a  broadside  pattern,  using  a  genetic  algorithm. 

As  stated  previously,  the  first  step  in  this  procedure  is  to  represent  the  problem  as  a  string 
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Figure  1:  Problem  description  for  simulation. 
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Figure  2:  Problem  representation  for  simulation. 
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of  I’s  and  O’s.  Arbitrarily,  we  chose  the  representation  shown  in  Figure  2.  The  first  three  bits 
of  the  string  represent  the  attenuator  setting  of  element  1.  The  next  three  bits  represent  the 
phase-shifter  setting  of  element  1.  The  following  three  bits  represent  the  attenuator  setting 
of  element  2.  And  so  this  scheme  is  continued  for  all  eight  elements. 

We  could  have  encoded  all  of  the  attenuators  first,  followed  by  the  phase-shifter  bits  rather 
than  this  “amplitude-phase”  ordered  pair  structure.  Many  other  string  representations  could 
also  have  been  used.  The  point  that  we  want  to  emphasize  is  that  the  GA  is  oblivious  to  the 
particular  encoding  one  uses.  The  actual  GA  operator  that  most  influences  the  convergence 
rate  is  the  “fitness  function”  which  will  be  discussed  shortly.  Depending  on  the  particular 
problem,  certain  encodings  may  achieve  convergence  faster  than  others  [5]. 

Thus,  in  this  case,  the  total  string  length  is  48  (6  x  8  elements).  The  string  itself 

is  called  a  chromosome,  and  the  individual  bits  are  denoted  as  genes.  Each  chromosome 
represents  a  unique  antenna  pattern.  The  information  for  the  attenuators  and  phase-shifters 
can  be  extracted  from  the  chromosome,  and  the  corresponding  antenna  pattern  can  be 
generated.  For  example,  attenuator  1  in  Figure  2  has  an  amplitude  of  5  (binary  101  = 
decimal  5).  Note  that  the  amplitude  values  in  this  problem  range  from  0  to  7  because  of  the 
three-bit  accuracy  of  the  attenuator.  The  phase  values  have  the  same  range,  but  must  be 
multiplied  by  45°  since  this  is  the  angular  resolution  of  the  three-bit  phase-shifters.  So  in 
Figure  2,  the  phase-shifter  setting  of  element  1  is  4  x  45°  =  180°. 

After  selecting  the  problem  encoding,  the  next  step  is  to  select  a  random  starting  point 
for  the  GA  search.  We  generate  an  arbitrary  number  of  chromosomes  which  we  use  as  the 
parents  of  the  first  generation.  In  this  experiment,  ten  random  strings  of  length  48  were 
created  using  a  random  number  generator. 

The  ten  initial  random  chromosomes  are  mated  to  produce  the  first  population  of  strings. 
The  chromosomes  in  our  simulation  are  sex-less  and  can  mate  with  any  other  individual 
chromosome.  Although  there  are  several  ways  to  mate  two  chromosomes,  we  used  crossover, 
which  is  one  of  the  simplest  methods.  During  crossover,  two  individual  chromosomes  are  split 
at  the  same,  randomly  chosen,  location  in  the  bit  string,  and  the  head  of  one  chromosome 
is  attached  to  the  tail  of  another  to  produce  a  new  chromosome  (see  Figure  3). 

We  also  perform  a  mutation  operation  on  each  new  chromosome.  This  involves  randomly 
toggling  bits  in  each  string,  based  on  a  mutation  probability  which  usually  lies  anywhere 
from  0.001  to  0.05.  A  probability  below  0.001  will  have  no  noticeable  effect  on  the  algorithm 
while  a  probability  greater  than  0.05  will  begin  to  destroy  the  useful  genetic  information 
contained  in  the  chromosome.  In  our  research,  we  found  that  a  mutation  probability  of  0.02 
worked  well  for  this  problem. 

Note  that  the  purpose  of  mutation  is  to  give  access  to  “lost  genetic  information”  [5].  For 
example,  the  chromosome  that  corresponds  to  the  optimal  solution  of  the  actual  problem 
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Figure  3:  The  crossover  mating  scheme. 

may  require  a  “1”  in  the  first  gene,  but  it  is  entirely  possible  that  none  of  the  initial  randomly 
generated  chromosomes  have  a  “1”  as  their  first  bit.  No  matter  how  many  times  new 
chromosomes  are  created  with  the  above  mating  scheme,  a  “1”  will  never  occur  in  the  first 
gene,  and,  hence,  the  algorithm  will  never  converge  upon  the  optimal  solution.  Therefore, 
mutation  is  a  necessary  ingredient  in  any  genetic  algorithm. 

In  this  experiment,  we  mate  each  chromosome  with  every  other  one,  thus  creating  90 
new  chromosomes.  This  technique  covers  a  broad  area  of  the  solution  space.  We  also  keep 
the  original  10  “parent”  strings  to  preserve  the  best  solutions  to  date.  In  our  experiment, 
this  forms  a  total  population  of  100  chromosomes. 

Each  chromosome  in  the  population  is  then  tested  against  the  environment  to  determine 
how  “fit”  the  chromosome  is  to  survive  and  produce  offspring.  In  this  experiment,  the  “fitness 
environment”  is  simply  the  desired  antenna  pattern,  as  shown  in  Figure  4.  Each  string 
generates  an  antenna  pattern  according  to  the  information  it  contains  about  the  attenuators 
and  phase  shifters  (remember  Figure  2).  We  compare  each  pattern  to  the  desired  pattern 
and  calculate  an  error  value,  for  this  chromosome,  based  on  how  closely  the  patterns  match. 

Figure  5  helps  to  illustrate  these  ideas.  Each  of  the  two  plots  shows  the  antenna  pattern 
represented  by  a  particular  chromosome  compared  to  the  ideal  broadside  case.  Figure  5  (a) 
shows  very  little  correlation  between  the  chromosome-generated  pattern  and  the  ideal  case, 
so  this  chromosome  would  be  assigned  a  large  error  value.  However,  in  Figure  5  (b),  the 
chromosome  pattern  more  closely  resembles  the  ideal  pattern  and,  hence,  this  string  would 
be  assigned  a  smaller  error  value.  The  actual  numerical  error  value  is  computed  by  squaring 


409 
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BROADSIDE  ANTENNA  PATTERN  FOR  AN  EIGHT  ELEMENT  ARRAY 


Figure  4:  Environmental  fitness  function  for  simulation. 


IDEAL  CASE  VS  GENETIC  ALGORITHM  SEARCH 


(a) 


Figure  5:  (a)  Example  of  a  chromosome  with 
some  with  a  smaller  error  value. 


a 


IDEAL  CASE  VS  GENETIC  ALGORITHM  SEARCH 


(b) 


large  error  value,  (b)  Example  of  a  chromo 


start 


End 


Figure  6:  Flowchart  representation  of  the  GA  used  in  the  simulation, 
the  difference  between  the  two  patterns,  point  by  point,  and  obtaining  a  sum;  i.e. 

90 

^  [Pae  -  Pdef  (1) 

^=-90 

where  9  represents  angular  pattern  points  at  P  increments  from  —90"^  to  +90^,  Pa  is  the 
chromosome-generated  pattern,  and  Pd  is  the  desired  pattern. 

Once  each  chromosome  is  assigned  an  error  value,  the  strings  are  ranked  from  best  to 
worst.  The  top  10  chromosomes  are  saved  while  the  other  90  are  discarded,  and  the  mating 
process  begins  again.  The  algorithm  continues  to  iterate  through  several  generations  until 
convergence  upon  the  exact  or  optimal  solution  is  reached.  Figure  6  is  a  flowchart  repre¬ 
sentation  of  the  entire  process.  In  many  cases,  an  “exact”  solution  is  unobtainable  and  one 
must  be  content  with  an  optimal  solution.  More  will  be  said  about  this  in  the  next  section. 

Figure  7  shows  the  results  of  this  simple  experiment.  Figure  7  (a)  was  plotted  immedi¬ 
ately  after  the  first  population  (iteration)  in  the  simulation.  The  dashed  curve  is  the  desired 
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NORMALIZED  AMPLITUDE 


IDEAL  CASE  VS  GENETIC  ALGORITHM  SEARCH 


IDEAL  CASE  VS.  GENETIC  ALGORITHM  SEARCH 


Figure  7:  (a)  GA  simulation  results  after  the  first  iteration,  (b)  GA  simulation  results  after 
approximately  30  iterations,  (c)  Decreasing  pattern  error  during  GA  convergence. 
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broadside  pattern  for  an  eight  element  array,  while  the  solid  curve  represents  the  best  chro¬ 
mosome  solution  available  at  that  time.  Approximately  30  iterations/populations  later,  one 
can  see  that  the  solid  curve  in  Figure  7  (b)  completely  overlays  the  dashed  curve,  signifying 
that  an  exact  solution  was  found.  Figure  7  (c)  shows  the  error  between  the  desired  pattern 
and  best  chromosome  pattern  for  each  population.  It  is  worth  noting  that  for  a  string  length 
of  48,  there  are  a  possible  281  trillion  combinations  of  I’s  and  O’s,  and  this  algorithm  was 
able  to  find  an  exact  solution  by  only  testing  3,000  of  those  strings. 

The  purpose  of  conducting  this  simplistic  experiment  was  to  determine  whether  a  GA 
approach  could  solve  the  antenna  pattern  synthesis  problem  for  a  simulated,  ideal  antenna. 
In  the  next  section,  we  apply  this  GA  approach  to  the  more  practical  problem  of  synthesizing 
a  pattern  from  a  physical,  imperfect  linear  array. 

4  Experiment 

Figure  8  shows  a  front  view  photograph  of  the  eight  element  array  that  was  used  for  this 
experiment,  and  Figure  9  is  a  block  diagram  of  the  experimental  setup.  The  individual 
elements  are  open  ended  waveguides,  each  connected  to  a  Reggia-Spencer  8-bit  digital  phase- 
shifter.  Although  there  is  no  amplitude  control  available,  the  amplitude  of  each  element  is, 
unfortunately,  a  function  of  the  digital  setting  of  the  phase-shifter.  An  example  of  this 
phenomenon  is  depicted  in  Figure  10  in  which  the  antenna  was  pointed  in  the  broadside 
direction  relative  to  the  source.  The  x-axis  represents  the  digital  state  of  the  phase-shifter, 
and  the  y-axis  represents  the  corresponding  phase  in  (a)  and  amplitude  in  (b).  It  is  interesting 
to  note  that  the  amplitude  varies  by  as  much  as  6  dB  depending  on  the  digital  state  of  the 
phase-shifter!  Plot  (c)  is  the  measured  element  pattern  of  element  1  for  an  arbitrary  phase 
setting. 

The  transmitting  horn  radiates  at  a  frequency  of  7.1  GHz.,  and  the  distance  between 
elements  is  approximately  1.3  inches;  this  translates  to  an  element  spacing  of  .7815A.  The 
primary  reason  for  using  this  frequency  rather  than  one  that  could  provide  us  with  half 
wavelength  spacing,  is  the  fact  that  the  phase-shifters  are  unable  to  represent  a  complete 
360  degree  cycle  at  lower  frequencies.  For  example,  instead  of  digital  phase-shifter  states 
0  through  255  covering  a  complete  360  degrees,  they  may  only  cover  0  to  240  degrees  or 
some  other  number  depending  on  the  radiating  frequency.  This  high  frequency  of  7.1  GHz, 
however,  causes  grating  lobes  as  the  main  beam  is  scanned  to  angles  far  away  from  broadside. 
Since  the  main  purpose  of  this  experiment  was  to  use  a  GA  to  find  the  optimal  phase-shifter 
settings  to  steer  the  main  beam,  the  fact  that  a  grating  lobe  exists  is  secondary. 

As  shown  in  Figure  9,  our  experimental  setup  satisfies  the  far  field  approximation,  and, 
in  addition,  the  radiating  horn  contains  a  lens  that  acts  to  further  “flatten  out”  the  incoming 
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Figure  8:  Front  view  of  the  experimental  array. 


Radiating  Horn 


•  Open-Ended  Waveguide 
Elements 


1 44  inches 


•  Frequency:  7.1  Ghz 


•  d  =  1.3  inches  =  0.7815  A 


•  -90  <  e  <  90 


Figure  9:  Block  diagram  of  experimental  setup. 


ELEMENT  1 :  PHASE  VS.  DIGITAL  STATE 


ELEMEfTT  1 :  AMPLITUDE  VS.  DIGITAL  STATE 


(a) 


(b) 


ELEMENT1;  ELEMENTT  PATTERN 


(c) 


Figure  10:  (a)  Phase  angle  vs.  digital  phase-shifter  state  for  element  1.  (b)  Amplitude  vs. 
digital  phase-shifter  state  for  element  1.  (c)  Element  pattern  for  element  1. 
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Problem  Representation 


0  1  1  0  1  i  0  0  Q 

•  •  • 

■ 

iiiii 

1  0 

0 

ill 

Phase  Shifter  1 

Phase  Shifter  8 

•  Eight  8-bit  Phase  Shifters 


Figure  11:  Problem  representation  for  experiment. 

radiation  to  approach  an  ideal  plane  wave.  In  order  to  apply  a  GA  to  this  particular  system, 
we  simulated  the  phase,  amplitude,  and  element  pattern  characteristics  of  all  eight  elements 
as  measured  at  broadside.  Note  that  no  calibration  of  the  array  was  needed  since  the  GA 
doesn’t  rely  on  analytical  methods  to  steer  the  beam.  It  was  able  to  steer  the  main  beam 
in  a  specified  direction  simply  by  finding  the  optimal  phase-shifter  settings  of  the  elements. 
Because  the  elements  possess  nonlinear  amplitude  and  phase  behavior,  as  well  as  non  identical 
element  patterns,  this  array  is  a  prime  candidate  for  GA  array  pattern  synthesis. 

5  GA  Pattern  Synthesis 

The  first  step  is  to  represent  the  problem  as  a  string  of  I’s  and  O’s.  Unlike  our  first  experiment, 
this  problem  has  no  attenuators  to  model.  We  have  eight  phase-shifters  that  each  have  eight- 
bit  accuracy.  Therefore,  our  string  length  is  64,  and  we  arbitrarily  chose  the  chromosome 
representation  in  Figure  11. 

Again,  we  generate  10  chromosomes  as  our  starting  point.  Our  mating  scheme,  however, 
has  a  slight  twist.  Instead  of  the  simple  head-tail  crossover  reproduction  method,  we  decided 
to  use  a  “circular”  mating  operator.  Depicted  in  Figure  12,  this  particular  mating  scheme 
involves  picking  two  random  points  in  the  string  length  (which  is  represented  as  a  circle  with 
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circular  representation 


string  representation 
of  new  chromosome 


Figure  12:  Circular  mating  scheme. 

no  defined  end  points)  and  then  extracting  the  corresponding  sections  from  the  two  mating 
chromosomes  to  form  an  offspring.  This  technique  eliminates  any  biases  on  the  string  ends 
that  are  present  in  the  simple  crossover  mating  scheme  [5]. 

We  chose  a  mutation  probability  of  0.05  and,  as  before,  we  created  90  new  chromosomes 
in  each  generation  for  a  total  population  of  100.  Again,  each  of  the  10  chromosomes  are 
mated  with  every  other  one  in  order  to  explore  as  much  of  the  solution  space  as  possible. 

In  the  simulated  experiment  we  used  the  ideal  array  pattern  as  our  environmental  fitness 
function  since  we  knew  that  there  existed  an  exact  solution.  It  is  highly  unlikely,  however, 
that  we  will  achieve  an  exact  solution  given  the  quality  of  the  antenna  system  with  which 
we  are  working.  In  this  case  an  “optimal  solution”  will  suffice,  and  we  will  tailor  our  envi¬ 
ronmental  fitness  function  to  emphasize  the  characteristics  of  the  pattern  that  we  feel  are 
the  most  important. 

We  would  like  to  find  a  solution  in  which  the  main  beam  is  directed  towards  the  desired 
angle,  the  width  of  the  main  beam  approaches  the  ideal  case,  and  the  maximum  sidelobe 
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FITNESS  FUNCTION  ENVELOPE 


Figure  13:  Environmental  fitness  function  for  experiment. 

level  is  at  least  10  dB  below  the  height  of  the  main  beam,  if  physically  realizable.  These 
requirements  are  pictured  in  Figure  13  for  the  broadside  case.  When  we  calculate  our 
numerical  error  value,  we  are  only  concerned  that  these  standards  are  met,  rather  than 
attempting  to  replicate  the  ideal  case. 

6  Results 

GAs  are  perfect  candidates  for  parallelization.  Running  several  sessions  in  parallel,  all  with 
different  random  number  “seeds'’ ,  allows  one  to  explore  more  of  the  solution  space  in  a  min¬ 
imal  amount  of  time.  Without  access  to  parallel  computing  resources,  we  ran  the  algorithm 
ten  times  for  each  angle,  and  the  best  solution  was  used  to  verify  the  results  experimentally. 
We  coded  our  GA  simulation  in  MATLAB  and  ran  the  program  on  a  single  CPU  of  a  Sun 
SparcServer  1000.  It  took  approximately  one  24  hour  day  to  obtain  all  the  data  for  each 
beam  steered  angle,  and  9  days  to  run  the  entire  simulation.  It  only  took  one  day  to  verify 
the  simulation  results  experimentally. 

We  used  a  GA  to  solve  for  the  optimal  phase  settings  for  beams  steered  from  0°  to  —40° 
in  5°  decrements.  Figure  14  (a)  shows  the  simulation  results  for  a  beam  steered  to  —10°. 
When  these  phase  settings  were  used  in  the  actual  experiment  the  pattern  of  Figure  14  (b) 
was  created.  The  patterns  are  quite  similar,  signifying  that  the  GA  was  able  to  successfully 
form  beams  and  steer  the  array. 

The  simulated  results  for  all  of  the  beam  steered  angles  are  shown  in  Table  1,  and  the 
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SIMULATION;  BEAM  STEERED  TO  -10  DEGREES 


(a) 


(b) 


Figure  14:  (a)  Simulation  results  for  steering  main  beam  to  —10°.  (b)  Experimental  results 
for  steering  main  beam  to  —10° 


Simulated  Antenna  Results 

Test 

# 

Desired 

Angle 

Experimental 

Angle 

Error 

Maiximum 
Sidelobe  Level 

1 

0° 

0° 

0° 

-5.98  dB 

2 

-5° 

-6° 

1° 

-6.71  dB 

3 

-10° 

-10° 

0° 

-8.40  dB 

4 

-15° 

-16° 

1° 

-8.60  dB 

5 

o 

O 

1 

-21° 

1° 

-5.22  dB  1 

6 

-25° 

-25° 

0° 

—7.49  dB 

7 

o 

O 

CO 

1 

o 

O 

CO 

1 

0° 

-8.03  dB 

8 

-.35° 

-34° 

1° 

-9.02  dB 

9 

o 

O 

1 

1 

O 

o 

0° 

-7.77  dB 

Table  1:  Pattern  synthesis  results  using  genetic  algorithm  with  simulated  antenna  model. 


experimental  results  can  be  found  in  Table  2.  In  all  cases,  the  mainbeam  was  never  more 
than  one  degree  different  from  its  desired  steering  angle.  The  sidelobe  levels  may  appear  to 
be  quite  high,  ranging  from  -4.31  dB  to  -9.88  dB.  For  example,  one  would  expect  a  maximum 
sidelobe  level  of  approximately  -13  dB  for  a  broadside  beam.  We  repeat  here  that  GAs  don  t 
supply  an  exact  solution  to  the  problem  but,  rather,  an  optimal  one.  In  other  words,  the 
GA  is  only  as  good  as  the  equipment  with  which  you  are  working.  We  believe  that  the  high 
sidelobe  levels  were  caused  by  the  amplitude  fluctuations  of  the  individual  elements  versus 
the  digital  setting  of  the  phase  shifters  (as  shown  in  Figure  10),  rather  than  the  failure  of 
the  GA  to  And  a  “good”  solution.  This  conjecture  is  supported  by  other  experiments  with 
this  physical  antenna  [2],  which  also  result  in  patterns  with  high  sidelobe  levels. 
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Measured  Antenna  Results 

Test 

# 

Desired 

Angle 

Experimental 

Angle 

Error 

Maximum 
Sidelobe  Level 

1 

0° 

O 

o 

o 

0.0° 

-5.87  dB 

2 

-5° 

-4.1° 

0.9° 

-5.18  dB 

3 

-10° 

-9.1° 

0.9° 

-9.51  dB 

4 

-15° 

-14.6° 

O 

o 

-6.10  dB 

5 

1 

to 

o 

o 

-19.1° 

O 

o 

-7.40  dB 

6 

1 

to 

o 

-25.0° 

0.0° 

-4.31  dB 

7 

1 

CO 

o 

o 

-29.1° 

0.9"^ 

-7.89  dB 

8 

! 

CO 

o 

-35.0° 

0.0° 

-7.56  dB 

9 

o 

o 

1 

-40.0° 

0.0° 

-9.88  dB 

Table  2;  Pattern  synthesis  results  using  genetic  algorithm  with  experimental  antenna. 

7  Conclusion 

We  have  introduced  GA  concepts  and  operators,  and  have  shown  how  they  were  successfully 
applied  to  the  synthesis  and  steering  of  a  pattern  with  a  non-ideal  phased  array  antenna. 
Our  experiment  demonstrates  that  a  GA  was  able  to  steer  beams  to  a  set  of  specified  angles 
with  very  little  error.  In  the  future  we  w'ill  experiment  with  different  cost  functions  in  an 
attempt  to  lower  sidelobe  levels  and,  perhaps,  even  eliminate  grating  lobes.  We  wil  also  be 
including  the  antenna  gain  as  part  of  the  cost  function  calculation. 
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PHASE-ONLY  ILLUMINATION  SYNTHESIS  FOR  OVER¬ 
SAMPLED  PHASED  ARRAY  APERTURES 


Jerome  H.  Pozgay 
Raytheon  Electronic  Systems 
50  Apple  Hill  Drive 
Tewksbury,  MA  01876 


Abstract:  A  new  class  of  aperture  illumination  distributions  has  been  developed. 
These  distributions  produce  low  pattern  sidelobes  through  application  of  systemat¬ 
ically  derived  and  defined  phase-only  algorithms.  The  algorithm  defining  the  phase 
distributions  is  quite  general,  but  is  strictly  applicable  only  to  rectangular  format 
apertures  with  smaller  than  XU  spacing,  as  for  wideband  active  aperture  array 
configurations. 


In  a  mathematical  sense,  the  phase-only  functions  demonstrate  a  previously  un¬ 
known  relationship  that  can  exist  between  the  discrete  Fourier  transforms  of  two- 
dimensional  real  and  complex  functions.  A  transformation  has  been  discovered 
which  maps  a  real  function  into  complex  space  in  such  a  fashion  that,  above  a  noise 
level  which  is  inversely  proportional  to  the  number  of  samples,  and  only  weakly 
dependent  on  sample  spacing,  the  discrete  Fourier  transforms  of  the  functions  are 
identical,  at  least  in  a  practical  context.  For  the  phased  array  antenna  designer,  this 
simply  means  that  a  phase-only  pattern  shaping  algorithm  will  produce  higher  rms 
sidelobe  levels  than  its  amplitude  distribution  counterpart. 


1.  Introduction:  A  new  class  of  aperture  illumination  distributions  has  been  de¬ 
veloped  which  produce  low  pattern  sidelobes  by  phase  rather  than  amplitude  ta¬ 
pering.  These  phase  taper  illuminations  meet  numerous  low  sidelobe  requirements 
in  the  same  fashion  that  a  variety  of  amplitude  distributions  are  available. 


Array  sidelobe  control  for  pencil  beams  is  conventionally  achieve  by  underillumi- 
nating  the  aperture  such  that  the  radiator  excitation  amplitude  (or  amplitude  den- 
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sity)  monotonically  decreases  with  distance  from  the  aperture  center.  Illumination 
distributions  are  held  symmetric  in  order  to  maintain  deep  pattern  nulls.  With  the 
exception  of  applying  linear  phase  progressions  across  the  aperture  for  beam  steer¬ 
ing,  the  desired  aperture  phase  distribution  is  uniform.  The  shape  of  the  amplitude 
taper  determines  the  systematic  characteristics  of  the  pattern  produced:  That  is, 
the  3  dB  and  null  widths  of  the  main  beam,  the  sidelobe  spacing  and  levels,  and  the 
pattern  directivity  gain.  For  an  active  aperture  array,  the  shape  of  the  amplitude 
illumination  also  determines  the  total  power  available  for  radiation,  and  an  ampli¬ 
tude  tapered  active  aperture  antenna  will  produce  significantly  lower  ERP  than  its 
uniformly  illuminated  counterpart,  independent  of  whether  the  taper  is  achieved  by 
amplifier  gain  distribution  shaping,  aperture  thinning  or  signal  attenuation  at  the 
input  to  the  active  device. 

It  was  with  the  prospect  of  simultaneously  achieving  higher  ERP  with  lower  side- 
lobes  that  these  studies  were  first  undertaken.  What  was  achieved  was  a  very 
efficient  means  of  removing  variable  attenuators  in  wideband  active  aperture  array 
configurations:  the  architecture  and  control  logic  are  considerably  simplified  while 
providing  low  sidelobe  receive  patterns. 


2.  The  Phase  Taper  Algorithm:  The  relative  far  field  produced  by  a  planar  array 
of  N  identical  I  mode  multimode  radiators  lying  in  the  xy-plane  can  be  expressed 
as: 


N  I 

E(u)  =  Sfn(u)S'v„(Xi)exp(jkuoXi) 

n=l  1=^1 


(1) 


where  bold  characters  are  used  to  represent  vector  quantities.  In  equation  (1),  u 
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is  the  vector  defining  an  angular  position  in  the  hemisphere  forward  of  the  aper¬ 
ture,  fn(u)  is  the  vector  Fourier  transform  of  the  m*  modal  aperture  field  distribu¬ 
tion,  v„(Xi)  is  the  modal  excitation  of  the  m*  mode  in  the  i*  radiator,  and  x,  is  the 
location  of  the  i*  radiator  with  respect  to  a  suitably  chosen  reference.  The  direc¬ 
tion  to  the  observation  point  is  embodied  in  the  vector  u,  defined  by: 

u  =  Xosin0cos(t)  +  yoSinBsinc]) 

(2) 

=  XoU  +  yov 


and  Xi  is  defined  by: 

X.  =  Xox,  +  yoy;  (3) 

The  angles  0  and  (j)  are  defined  in  Figure  1,  and  are  specifically  related  to  the  Carte¬ 
sian  system  unit  vectors  x^,  y,  and  Zq  as  shown. 

For  discussion  of  illumination  synthesis,  it  is  customary  to  assume  that  the  modal 
element  pattern  is  broad  relative  to  the  achievable  beamwidth  for  a  given  array 
aperture  -  i.e.,  the  array  consists  of  many  radiators.  Furthermore,  the  array  radia¬ 
tor  is  typically  driven  only  in  a  single  mode:  normally  the  device’s  dominant  mode. 
Higher  mode  excitation  coefficients  are  generated  by  interaction  at  the  aperture 
plane.  As  a  result,  it  is  customary  to  examine  only  the  pattern  characteristic  pro¬ 
duced  by  by  active  excitation  of  hypothetically  isotropic  (in  the  forward  half  space) 
radiators,  the  patterns  are  known  as  the  array  factor  and  embody  only  the  geomet¬ 
rical  relationship  of  radiator  phase  centers,  relative  active  excitation  of  the  phase 
centers,  and  the  operating  frequency.  A  general  expression  for  the  array  factor  is: 
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(4) 


I 

E(u)  =  Sv(x,)exp(ikuoXi) 

i=l 

Note  that  the  modal  subscript  has  been  dropped  for  the  excitation  coefficient  and 
that  the  field  is  now  treated  as  a  scalar.  In  general,  the  dominant  mode  excitations 
are  complex,  and  have  the  form: 

v(Xi)  =  |v(x,)|exp(j(t)i)  (5) 


Let  us  suppose,  now  that  iv(X|)|  =  1  for  all  i  and  that  the  phase  of  the  excitation  at 
the  i*  radiator,  ({);,  takes  the  form: 

(]);  =  Si  -  kuo®x,  (6) 


where  kUo®Xi  represents  the  uniformly  sloping  phase  distribution  required  to  maxi¬ 
mize  the  collimated  phased  array  response  at  Uq.  Substitution  of  equation  (6)  into 
equation  (4)  produces 
1 

E(u)  =  Scos(s,)exp(jkU®Xi) 

i=l 

(7) 

I 

+  Ssin(Si)exp(jkUox.) 

i=l 

Here,  U  =  u  -  Uq.  If  the  angle  e,  is  restricted  to  the  right  half  plane  (-%/2  <&<  %/2), 
then  the  first  summation  is  similar  in  form  to  equation  (4).  More  specifically,  if  a 
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one-to-one  correspondence  between  |v(Xj)l  and  cos(Si)  can  be  established,  then  the 
first  summation  in  equation  (7)  is  identically  equation  (4).  An  obvious  assignment 
is  therefore: 


s,  =  cos'(|v(x,)|)  (8) 

If  the  assignment  in  equation  (8)  makes  the  second  summation  in  equation  (7)  very 
small  relative  to  the  first,  for  all  values  |U|  <  1,  then  the  phase  distribution,  Sj, 
produces  patterns  nearly  identical  to  those  produced  by  the  prototype  amplitude 
distribution  |v(Xi)|. 

The  assignment  in  equation  (8)  does  not  generally  result  in  a  small  value  for  the 
second  summation  relative  to  the  first  unless  s,  is  itself  restricted  to  to  small  angu¬ 
lar  values.  Such  a  restriction  would  limit  the  assignment  in  equation  (8)  to  proto¬ 
type  amplitude  distributions  for  which  the  array  edge  is  heavily  excited.  It  is  evi¬ 
dent  then  that  simple  examination  of  equation  (7)  can  provide  no  further  insight 
into  the  problem  of  generating  low  sidelobes  using  phase-only  tapers. 


Suppose,  however,  that  the  array  is  two-dimensional,  and  arrayed  such  that  any 
grid  location  in  one  quadrant  has  images  in  the  other  three  quadrants,  then  each 
resulting  phase  excited  quadrupole  produces  the  pattern: 


fu)  =  2 


EXu)  =  Z-^exp(jkUx,)Z-^cos(Sj  i)exp(jkVyi) 


2 

Ec 


i=l 


1=1 


■j  Sexp(jkUXi)Ss 


+  j  Zjexp(jkUXi)^sin(Sii)exp(jkVy,) 
i=i  1=1 


(9) 
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Here,  the  form  of  summation  has  been  collapsed  about  the  u— 0  and  v=0  axes, 
taking  advantage  of  the  correspondence  between  quadrupole  and  spatial  geome¬ 
tries.  From  this  form,  a  novel  phase  excitation  can  be  inferred  which  produces 
patterns  that  are  essentially  identical  to  those  produced  by  arbitrary  prototype  am¬ 
plitude  distributions.  If  the  quadrupole  is  geometrically  centered  such  that: 


X2  =  -X,  =  -X 

Yi  =  -Yi  =  -y 

and 

then  equation  (9)  reduces  to: 

E‘’(u)  =  4cos(s)cos(kUx)cos(kVy) 

-4j  sin(s)sin(kUx)sin(k  V  y) 

The  real  term  in  equation  (13)  has  major  lobes  at: 

u  =  Uq  +  n/\,/(2x),  n  =  0,  ±1,  ±2,  ... 

V  =  Vq  +  mA,/(2x),  m  =  0,  ±1,  ±2,  ... 

whereas  the  imaginary  term  has  major  lobes  at: 

u  =  Uq  +  (2n’-l)A./(4x),  n'  =  0,  ±1,  ±2,  ... 


(10) 

(11) 


(12) 


(13) 


(14) 

(15) 


(16) 
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V  =  Vo  +  (2m'-l)A./(4x),  m'  ==  0,  ±1,  ±2,  ... 


(17) 


The  resulting  quadrupole  pattern  therefore  appears  to  be  produced  by  the  superpo¬ 
sition  of  two  arrays  -  an  array  with  spacing  (2x,2y)  and  an  array  with  spacing 
(4x,4y).  The  effective  array  with  smaller  spacing  (the  real  term  in  equation  (9))  has 
a  filled  grating  lobe  pattern  such  as  is  found  for  a  conventionally  excited  regular 
grid.  However,  the  effective  array  with  larger  spacing  has  a  sparse  grating  lobe 
diagram.  That  is  lobes  which  should  reside  in  the  u  =  Ug  and  v  =  Vq  planes  are 
cancelled,  and  the  nearest  lobes  are  typical  of  a  smaller  spacing.  For  example,  if  x 
=  y  =d/2,  then  the  nearest  real  term  lobes  are  in  the  u  =  Uq  and  v  =  Vq  planes  at  X/d 
from  the  main  lobe  (n  =  m  =  0),  while  the  nearest  imaginary  term  lobes  are  located 
in  the  45  degree  planes  relative  to  the  pointing  direction  (uo,Vo)  at  a  distance 
X/(d^2). 

From  the  foregoing,  it  is  evident  that  an  array  of  radiators,  on  a  rectangular  grid, 
and  possessing  no  central  rows  of  columns  can  be  phase  excited  to  produce  pat¬ 
terns  which  are  essentially  identical  to  those  produced  by  any  of  the  standard  sepa¬ 
rable  amplitude  tapers.  That  is,  if: 

vu  =  g(x.)h(yi) 

(18) 

=  gih, 

is  a  particular  prototype  product  illumination,  then  the  phase  excitation: 

Si.i  =  (-iy^'cos’(gihi)  (19) 
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should  produce  essentially  identical  patterns  provided  the  grating  lobe  and  its 
ridges  of  sidelobes  remain  well  out  of  real  space.  Or,  more  specifically,  if  the  grid 
is  square,  the  maximum  scan  angle  is  and  the  uniformly  excited  array  null  width 
is  20„,  then  the  phase  excitation  given  by  equation  (19)  will  produce  patterns  nearly 
identical  to  those  produced  by  the  corresponding  amplitude  excitation  if 

d/A,  <  0.707(1  +  sin0„  +  sin0j  '  (20) 

where  d  is  the  interelement  spacing.  As  an  example,  a  900  element  phase  tapered 
square  array  on  0.325  in.  spacing  will  be  grating  lobe  fi-ee  out  to  60  deg  scan  up  to 
approximately  13.2  GHz:  an  amplitude  tapered  array  would  be  grating  lobe  free 
to  approximately  18.8  GHz. 

The  above  characteristics  of  phase  tapering  become  more  apparent  when  applied 
to  large  rectangular  or  elliptical  apertures  of  rectangular  grids  when  the  far  electric 
field  is  expanded  in  row/column  form  as  follows.  If  the  array  has  N  columns  (N 
even)  and  the  n*  column  has  R„  radiators  (R„  even),  then  the  electric  field  is  pro¬ 
portional  to: 

N  R„ 

E(u,v)  = 

n=l  r=l 


exp(jkux^)Z^exp(j(l)^,)exp(jkvy,) 


(21) 


Let 


x„-nd,-(N+l)d,/2 


(22) 
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y,  =  rd,-(R.+  l)d,y2 

't'„  = 

Then 

N  R„ 

E(u,v)  =  K,{^g„cos(knU4)  KT,Sh,cos(krVdy) 

n=l  r=l 

N  K 

-j2sin(knUd^)  K„S[1  -  g„V“]sin(krVdy)} 

n=l  r=l 


(23) 

(24) 


(25) 


where 


K]  =  exp[-jkU(N  +  l)dy2] 

(26) 

K„  =  exp  [-jkV(R„+l)d/2 

(27) 

For  comparison,  the  far  electric  field  produced  by  the  prototype  amplitude  taper 
gnhr  is; 


N 


K 


EXu,v)  =  Ki^g^cos(knUdJ  K^Z-rh,cos(krVdy) 


n=l 


r=l 


(28) 


Hence, 


E(Uo,v)  =  E,(uo,v) 


(29) 


and 
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E(u,Vo)  =  E,(u,Vo) 


(30) 


Equations  (29)  and  (30)  are  valid,  independent  of  operating  frequency,  and  one 
can  conclude  that  for  a  reasonably  large  array  (say  900  radiators),  that  the  phase 
taper  algorithm  in  equation  (19)  produces  patterns  which  are  substantially  identical 
to  those  produced  by  the  prototype  amplitude  taper  g(x)h(y). 

3.  Phase  Taper  Examples:  The  phase  taper  illumination  has  been  applied  to  a 
square  array  of  900  elements  on  0.325  in.  square  grid.  The  array  is  assumed  to  be 
comprised  of  wideband  notch  radiators  operating  over  6  to  18  GEb  and  providing 
60  deg  cone  half  angle  scan  coverage  over  the  full  frequency  range.  Two  proto¬ 
type  amplitude  distributions  have  been  examined.  These  are  separable  cosine  and 
separable  linear  Taylor  taper  with  n  =  5  and  35  dB  sidelobe  level  (35  dB  SLL). 
Full  forward  hemisphere  contour  patterns  have  been  obtained  at  three  frequencies, 
viz.  6,  12  and  18  GHz  for  each  illumination  and  for  both  the  phase  and  amplitude 
tapers.  All  patterns  are  presented  with  the  peak  gain  set  to  0  dB. 

For  reference.  Figure  2  shows  the  pattern  of  the  uniformly  excited  array  at  6  GHz. 
The  representational  floor  in  this  pattern,  as  well  as  all  others,  is  45  dB  below  the 
pattern  peak.  Contour  intervals  are  5  dB.  In  the  following,  the  element  pattern  is 
assumed  to  be  half-space  isotropic. 

Figures  3  through  18,  inclusive,  demonstrate  pattern  performance  with  phase  ta¬ 
pering  or  amplitude  tapering,  assuming  no  phase  quantization  errors.  A  cursory 
examination  of  these  patterns  shows  that,  to  the  45  dB  level,  the  phase  tapered 
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array,  and  its  prototype  amplitude  tapered  array  have  nearly  indistinguishable  pat¬ 
tern  characteristics  provided  the  phase  tapered  array  grating  lobes  and  grating  lobe 
sidelobes  reside  outside  real  space. 

4.  Patterns  with  Errors:  A  major  concern  in  the  consideration  of  phase  tapering 
is  the  stability  of  the  pattern  in  the  presence  of  errors.  To  examine  this  issue,  in  at 
least  a  cursory  fashion,  the  phase  taper  has  been  evaluated  for  quantized  phase 
shift  of  3,  4  and  5  bits.  The  results  are  shown  for  6  GHz  in  Figures  19  through  21, 
inclusive.  As  the  number  of  bits  increases,  the  pattern  approaches  the  shape  of  the 
prototype  pattern  -  5  bits  is  clearly  sufficient  here.  As  the  pattern  uniformly 
evolves  with  increasing  number  of  bits,  it  is  concluded  that  the  phase  taper  algo¬ 
rithm  is  not  a  supergain  result,  and  is  therefor  physically  realizable. 

5.  Mutual  Coupling  Considerations:  When  it  first  became  apparent  that  simple 
phase  taper  algorithms  could  provide  excellent  sidelobe  control  in  wideband  active 
aperture  systems,  the  focus  immediately  turned  to  the  issue  of  whether  low  active 
aperture  transmit  sidelobes  and  high  system  efficiency  could  be  achieved  simulta¬ 
neously.  On  the  basis  of  detailed  mutual  coupling  analyses  at  the  aperture  of  an 
oversampled  array,  we  concluded  that  the  optimum  achievable  performance  is  ob¬ 
tained  with  all  radiators  identically  matched  as  if  for  an  infinite  array  environment. 
With  such  a  matching  condition  for  the  phase  tapered  and  amplitude  tapered  aper¬ 
tures,  it  was  found  that  the  ERPs  of  the  two  active  configurations  differed  insignif¬ 
icantly.  Figure  22  shows  an  example  of  the  pattern  control  that  can  be  achieved  in 
the  coupled  environment  for  a  10  r  10  array  of  loaded  rectangular  waveguide  radi¬ 
ators  on  a  square  grid.  Then  objective  peak  sidelobe  level  was  -23  dB:  the  proto¬ 
type  amplitude  distributions  is  indicated  on  the  figure. 
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6.  Conclusions;  The  new  class  of  illumination  functions  will  produce  stable  an¬ 
tenna  pattern  performance.  Although  there  does  not  appear  to  be  an  ERP  advan¬ 
tage  associated  with  the  use  of  phase  taper  illuminations,  their  application  in  active 
aperture  systems  can  lead  to  reduced  parts  counts  and  a  significant  reduction  in  the 
complexity  of  T/R  modules  and  their  controllers. 

7.  Acknowledgments:  The  work  reported  here  was  supported  entirely  under 
Raytheon  IR  &  D  programs. 
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Figure  2.  Pattern  of  Uniformly  Excited  Array 
Uo  =  0.0,  Vo  -  0.0,  f- 6  GHz 
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Figures.  Pattern  of  Phase  Tapered  Array 
Uq  =  0.0,  Vg  =  0.0,  f  =  6  GHz 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  None 


Figure  4.  Pattern  of  Amplitude  Tapered  Array 
Ug  =  0.0,  Vg  =  0.0,  f  =  6  GHz 
Taper:  Separable  Cosines 
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Figure  5  Pattern  of  Phase  Tapered  Array 
Uo  =  0.0,  Vo  =  0.0,  f-  10  GHz 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  None 


Figure  6.  Pattern  of  Amplitude  Tapered  Array 
Uq  =  0-0,  Vq  =  0.0,  f  ~  10  GHz 
Taper:  Separable  Cosines 
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Figure?.  Pattern  of  Phase  Tapered  Array 
Uo  =  0.0,  vo  =  0.0,f=  18  GHz 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  None 


Figure  8.  Pattern  of  Amplitude  Tapered  Array 
Uo  =  0.0,  Vo  =  0.0,  f  =  18  GHz 
Taper:  Separable  Cosines 
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Figure  9.  Pattern  of  Phase  Tapered  Array 
Uo  =  Vo  =  -0.6Lf=  18  GHz 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  None 


Figure  10.  Pattern  of  Amplitude  Tapered  Array 
Uq  =  Vo  =  -0.61,  f  =  18  GHz 
Taper:  Separable  Cosines 
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Figure  11.  Pattern  of  Phase  Tapered  Array 
=  0.0,  Vq  =  0.0,  f  =  6  GHz 

Prototype  Amplitude  Illumination:  Separable  Taylors 
Phase  Quantization:  None 
Taylor  Parameters:  n  =  5,  SLL  =  35  dB 


Figure  12.  Pattern  of  Amplitude  Tapered  Array 
Uq  =  0.0,  Vq  =  0.0,  f  =  6  GHz 
Taper:  Separable  Cosines 
Taylor  Parameters:  n  =  5,  SLL  =  35  dB 


Figure  13.  Pattern  of  Phase  Tapered  Array 
Uq  ”  0.0,  Vq  =  0.0,  f  =  10  GHz 
Prototype  Amplitude  Illumination:  Separable  Taylors 
Phase  Quantization:  None 
Taylor  Parameters:  n  =  5,  SLL  =  35  dB 


Figure  14.  Pattern  of  Amplitude  Tapered  Array 
Uq  =  0.0,  Vq  =  0.0,  f  =  10  GHz 
Taper:  Separable  Cosines 
Taylor  Parameters:  n  =  5,  SLL  ==  35  dB 
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Figure  15.  Pattern  of  Phase  Tapered  Array 
Uq  =  0-0,  Vq  =  0.0,  f  =  18  GHz 
Prototype  Amplitude  Illumination;  Separable  Taylors 
Phase  Quantization:  None 
Taylor  Parameters:  n  =  5,  SLL  =  35  dB 


Figure  16.  Pattern  of  Amplitude  Tapered  Array 
Uo  =  0.0,  Vg  =  0.0,  f  ”  18  GHz 
Taper:  Separable  Cosines 
Taylor  Parameters:  n  ==  5,  SLL  =  35  dB 
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Figure  17.  Pattern  of  Phase  Tapered  Array 
Uo  =  Vo  =  -0.61,f=  18  GHz 
Prototype  Amplitude  Illumination:  Separable  Taylors 
Phase  Quantization:  None 
Taylor  Parameters:  n  =  5,  SLL  =  35  dB 


Figure  18.  Pattern  of  Amplitude  Tapered  Array 
Uo-Vo  =  -0.61,f=  18  GHz 
Taper:  Separable  Cosines 
Taylor  Parameters:  n  =  5,  SLL  =  35  dB 
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Figure  19.  Pattern  of  Phase  Tapered  Array 
Uo  =  0.0,  Vo  =  0.0,  f- 6  GHz 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  3  bits 


Figure  20.  Pattern  of  Phase  Tapered  Array 
Uq  =  0.0,  Vq  =  0.0,  f  =  6  GHz 


Prototype  Amplitude  Illumination:  Separable  Cosines 


Phase  Quantization:  4  bits 
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Figure  21.  Pattern  of  Phase  Tapered  Array 
Uq  =  0.0,  Vq  =  0.0,  f  =  6  GHz 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  5  bits 


Figure  22.  Pattern  of  Phase  Tapered  10  x  10  Array 
Uo  =  0.0,  Vo  =  0.0,  f  =  6  GHz,  Mutual  Coupling  Modeled 
Prototype  Amplitude  Illumination:  Separable  Cosines 
Phase  Quantization:  None 
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DEGREE  OF  FREEDOM  REQUIREMENTS  FOR  SECTOR 
NULLING  OF  ERRORED  ANTENNA  PATTERN 


Peter  R.  Franchi 
Rome  Laboratory 
Antenna  Technology 


ABSTRACT 

Several  papers  in  recent  years  have  established  the  number  of  degrees  of 
freedom  required  to  null  a  specific  angular  width  of  a  theoretical  pattern  down  to 
some  desired  level.  The  problem  of  field  patterns  for  antennas  with  errors  has  not 
been  addressed.  Since  patterns  with  some  finite  error  is  the  normal  situation,  the 
deficiencies  of  the  earlier  works  are  addressed  in  this  paper.  In  general,  less  de¬ 
grees  of  freedom  are  required  for  the  errored  patterns  than  are  required  for  the 
theoretical  patterns.  With  the  ratio  of  actual  sidelobe  level  to  the  ideal  sidelobe 
level  introduced  as  a  new  parameter  along  with  the  old  ones  of  null  depth,  sector 
width,  and  required  degrees  of  freedom,  a  closed  form  solution  is  found.  This  so¬ 
lution  can  be  simplified  to  convenient  rule  of  thumb  answer  for  many  cases.  The 
limits  on  the  simplified  approximation  are  easily  derived. 

1.  INTRODUCTION 

For  many  adaptive  nulling  applications,  the  degree  of  freedom  requirements 
should  be  accurately  estimated  by  the  systems  designers  initially  to  determine  fea¬ 
sibility  and  complexity  of  competing  approaches.  Prior  work  has  given  estimates 
for  degrees  of  freedom  requirements  for  arbitrary  null  depth  and  sector  widths,  but 
only  for  ideal  or  theoretical  quiescent  patterns.  Since  the  actual  patterns  are  usu¬ 
ally  distorted  by  errors  in  the  array,  this  earlier  work  will  often  give  an  inaccurate 
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degrees  of  freedom  estimate.  By  adding  the  generally  known  or  estimated  quan¬ 
tity,  the  amount  the  actual  pattern  (with  errors)  is  higher  than  the  theoretical  or 
ideal  pattern,  to  the  null  depth  required  and  the  null  width  required,  a  new  deriva¬ 
tion  for  the  degrees  of  freedoms  needed  is  found. 

A  very  rough  ‘rule  of  thumb’  currently  used  is  that  the  degrees  of  freedom 
required  is  just  the  number  of  beamwidths  (X/D)  contained  within  the  angular 
sector  to  be  nulled,  Ap  (in  sin0  space),  or  the  degrees  of  freedom  N=  Ap/(?\,/D). 
This  approximation  is  generally  inadequate  for  accurate  null  depth  estimations.  An 
accurate  closed  form  solution  is  found  in  this  paper,  as  well  as  a  second  rule  of 
thumb  results  that  simply  ties  the  prior  null  depth  based  on  ideal  patterns  to  the 
actual  null  depths  required  and  the  added  sidelobe  levels  due  to  errors.  This  paper 
will  contain  a  short  review  of  the  prior  ideal  pattern  results,  a  section  connecting 
the  added  sidelobe  level  due  to  errors  to  the  general  SchelkunofF  polynomial  de¬ 
viations  from  the  ideal  and  then  the  null  depth  determination  from  which  the  ‘rule 
of  thumb’  equation  emerges. 

n.  PRIOR  RESULTS 

Earlier  work  was  based  on  the  degree  freedom  requirements  for  sector 
nulling  of  theoretical  or  ideal  patterns.  The  simplest  of  this  early  work,  equally 
spaced  nulls,  is  repeated  here  for  continuity.  The  equal  amplitude  nulled  region  is 
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Main  Beam 


Figure  L  An  illustration  of  a  straight  line  approximation  of  the  null  region 

too  lengthy  to  be  repeated  here.  Only  three  quantities  are  involved  in  this  deriva¬ 
tion;  the  normalized  angular  width  M,  the  nulled  region  depth  ASLL  and  N  the  re¬ 
quired  degrees  of  freedom.  M  is  Ap/(A-/D)  with  A|J.=  sin61-sin92  (the  width  of  the 
null  region),  X  the  wavelength  and  D  the  length  of  the  array.  Two  conditions  are 
imposed  for  this  derivation.  First,  the  array  must  be  large  and  second,  the  nulled 
region  must  be  far  from  the  main  beam.  Because  of  these  two  conditions  and  the 
additional  fact  that  only  a  small  local  region  is  changed,  that  local  region  can  be 
treated  as  a  straight  line  rather  than  a  section  of  Schelkunoff  unit  circle  (Figure  1). 

From  Schelkunoff,  the  field  pattern  f( 6)  is  given  by 

(1) 

/=0  ' 
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M  Nulls 


•  • 


Observation  Point 

Au 


N  Nulls 

Figure  2.  Nulled  region  comparison  with  quiescent  pattern  nulls. 


This  can  be  written  as  the  Schelkunoff  polynomial 

/OT=nV-c) 

;=1 


where  c,  are  the  zeros  of  the  far  field  pattern.  This  expression  shows  that  the  field 
at  any  angle  given  by  c  is  proportional  to  the  product  of  the  distance  from  that 
point  to  all  the  nulls  in  the  pattern. 

In  Figure  2,  a,  the  spacing  between  nulls  is  XfD  and  a’  is  the  reduced  spac¬ 
ing  in  the  nulled  pattern.  Thus,  the  original  sidelobe  level,  SLLo  is  given  by 
|"aYf3oYf5oV 

T  T  T  W 

\2J  \  2  J  \  2  J 

For  the  center  lobe  in  the  nulled  region,  the  new  sidelobe  level  is  SLL;  given  by 


SLL  a 
1 


a'  f  3a' Y  f  5(3' V 


‘  n  2 ;  ' 

The  sidelobe  reduction  ASLLo  is  then  given  by 


...(2iV-ir  ^  (2N  +  ir  ^  ...  (4) 
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(5) 


(6) 


Figure  3.  Comparison  of  errored  Schelkunoff  circle  with  unerrored 
Schelkunoff  circle 
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m.  ESTIMATED  SIDELOBE  LEVEL  WITH  ERRORS 


For  the  case  of  an  antenna  pattern  with  errors,  the  roots  of  the  Schelkunoff 
polynomial  are  displaced  off  the  unit  circle.  The  greater  the  distance  off  the  circle 
the  higher  the  sidelobes  above  the  theoretical  levels. 

In  order  to  analyze  the  case  of  an  actual  pattern  with  errors,  a  fourth  vari¬ 
able  must  be  introduced  in  addition  to  M,  N,  and  ASLL.  This  quantity  is  the  rela¬ 
tive  height  of  the  actual  patterns  sidelobe  to  the  theoretical  sidelobes  at  the  region. 
It  will  be  symbolized  by  ASLLo. 

n«)  (8) 

«=1 

where  x„  is  defined  as  the  distance  between  the  observation  point  and  the  off-circle 
null  (Figure  4). 


Figure  4.  Displacement  of  the  errored  nulls  off  the  unit  circle. 
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For  the  ideal  pattern, 


where 


Therefore, 


and  so, 


SLL  a  n 

O 

n^\ 


f- 

u 


(9) 


[(d^  +r^ -2d  r  cos(180- ^))P(r  )P{e)drde  (10) 

^  ^  n  n  n  n  n 

0  0 


d  =—{2n-]) 

n  2 

P[3)  =  —,  Q<&<27t 

In 

P(r)  =  -,  0<r<b 

b 


_  2  l2 

9  Ci  /  1  \  2  ^ 

X  ^ — (2n~l)  +  — 
«  4  3 


(11) 


SLL  n 
ASLL  = - 


—  {2n-\)  +  — 
4  3 
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SLL 


n 

«=i(,  ^  y 


r 


n 

«=1 


14- 
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2a^{2n-\) 


(12) 
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Using  the  identity 


cosh(;K)  = 

«=i 


!  +  ■ 


2  ^ 


(2. -If 


<00 


and  if  y  =  then 
Vs  a 


ASLL  =cosh^ 

O 


n  h 


(13) 


Furthermore, 

—  = -^cosh^VASZV^^]  (14) 

This  equation  ties  the  known  or  estimated  quantity  ASLLo  and  a  which  is  simply 
X/D  to  b,  the  rms  deviation  of  the  zeros  off  the  Schelkunoff  circle.  This  equation 
is  an  approximation  because  the  distances  to  the  far  nulls  do  not  cancel  as  they  did 
for  the  nulled  region  calculations,  but  for  large  arrays  it  is,  nevertheless,  a  very 
good  approximation. 


IV.  SECTOR  NULLING  ON  PATTERN  WITH  ERRORS 


If  N  nulls  from  the  Schelkunoff  circle  displaced  an  average  distance  b  from 
the  ideal  null  location  are  now  moved  back  onto  the  circle  over  a  region  Ap,  with  a 
spacing  between  nulls  at  a’ 

Na’=Ap 
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Figure  5.  Comparison  of  nulled  pattern  with  quiescent  pattern 


Far  from  the  main  beam  and  for  large  arrays,  the  regions  of  interest  is  approxi¬ 
mated  by  an  infinite  radius  of  curvature,  and  so  can  be  treated  as  a  straight  line 
(Figure  5). 

As  before, 


SLL  a  —  — 

^  l2  A  2 


_2-2  -2  -2 
•••X  XXX 

n  ~n  n+\  -(^+1) 


^  _2-2  -2-2  -2-2 
SLL  a  X  X  XX  --x  x 

E  1-12-2  n  -n 


(16) 
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Since  ALi/a=M,  a=X./D,  and  ALi/a’=N, 


hSLL  = 


N)  4^2  ^ 

„=]  1  M  (2«-l)  J 


This  is  the  basic  solution.  It  can  also  be  written  in  a  form  that  includes  the  known 


quantity  ASLLo 


ASIA: 


(2n-lf 


This  general  form  can  be  simplified  for  many  cases  to  give  a  reasonable  rule  of 
thumb  equation. 

Recall  that 


°°  4 

ASLL  =n  1  + - ^ - 7 

°  „=il  3a^(2«-l) 


Substituting  into  equation  number  (18),  we  obtain 


ASLL  = 


1 


NJ  ASLL  3a^(2;i-l) 


4  y 
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So  for  large  N  and  small  b/a,  we  get 


AS'LL  =  |  — 
N 


x2W 


ASLL 


(21) 


since 


n 


i+- 


Ny 

fj= — V 


3  a^{2n~\) 


This  approximate  answer  states  that  the  total  null  depth  achieved  is  simply  the 
product  of  the  null  depth  below  the  ideal  pattern  level  (with  this  depth  determined 
by  the  earlier  equations)  and  the  ratio  of  the  actual  patterns  with  errors  to  the  ideal. 
This  rule  of  thumb  equation  breaks  down  for  small  N  and  large  error  sidelobes. 

If  a  3  dB  tolerance  is  permitted  then 


n 


1+ 


n- — V 
2 


3  a^(2n  - 1) 


<  2 


Therefore,  we  can  use  this  approximation  when 


N>- 


cosh“'(A5ZLj2 


1  Y 


+  1 


(22) 


For  example,  if  ASLLo=100  (20dB),  then  N  >  6. 
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V.  SUMMARY 


Prior  analysis  dealt  only  with  sector  null  depths  for  ideal  antenna  patterns, 
but  the  actual  antenna  patterns  are  nearly  always  higher  than  the  ideal  because  of 
array  errors.  This  increased  sidelobe  level  is  usually  known  from  measurements  or 
estimated  from  equations  describing  error  sidelobe.  This  increase,  ASLLo,  to¬ 
gether  with  the  normalized  sector  depth,  ASLL,  gives  the  degrees  of  freedom  re¬ 
quired,  N. 

Two  related  equations  are  obtained,  an  ‘exact’  equation  provided  N  >  M 
and  a  rule  of  thumb  formula  for  large  N  and  small  ASLLo.  This  latter  equation  is 
very  useful  because  of  its  simplicity.  It  states  that  the  required  null  depth  is  just  the 
product  of  1/ASLLo  and  the  null  depth  predicted  from  the  theoretical  null  equation. 
As  an  example,  if  a  total  null  depth  of  30  dB  were  desired  and  the  actual  sidelobes 
are  20  dB  above  the  ideal  then  N  could  be  determined  from  the  theoretical  formula 
for  a  10  dB  null  and  not  30  dB. 
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TECHNIQUES  FOR  ADAPTIVE  ARRAY  PATTERN  CONTROL 
USING  AN  AUGMENTED  COVARIANCE  MATRIX 
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Abstract 

ABSTRACT:  An  adaptive  technique  is  presented  that  produces  ar¬ 
ray  pattern  troughs  in  response  to  discrete  sources  of  interference.  The 
technique  is  implemented  by  a  simple  modification  of  the  measured  co- 
variance  matrix,  and  can  be  used  to  form  troughs  in  both  the  near  and 
far  zones.  A  related  technique  is  shown  to  allow  placing  simple  nulls 
(or  troughs)  at  locations  displaced  from  the  measured  source  locations. 

This  feature  could  null  a  moving  source  of  interference  with  fewer  up¬ 
dates  than  necessary  with  conventional  nuUing. 

1.0  INTRODUCTION 

Conventional  methods  of  adaptive  array  control  use  sample  matrix  inversion 
to  optimize  the  signal  to  noise  ratio  by  multiplying  the  quiescent  array  weights 
by  the  inverse  of  the  measured  covariance  matrix.  For  strong,  narrow  band 
sources  of  interference,  this  amounts  to  placing  individual  nulls  at  the  source 
locations.  Broadband  sources  result  in  adapted  array  patterns  that  have  deep 
troughs  that  span  the  source  frequency  band,  and  appear  as  appropriately 
wide  troughs  in  the  angle  domain.  There  are  times  when  it  would  be  advanta¬ 
geous  to  be  able  to  produce  broad  angular  pattern  troughs  in  anticipation  of 
interference  signal  behavior.  Such  cases  include  discrimination  against  interfer¬ 
ence  sources  that  frequency  hop.  or  whose  apparent  location  changes  rapidly 
because  of  reflection  from  clutter,  or  receiver  platform  motion  or  vibration. 
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Treating  such  sources  with  conventional  adaptive  techniques  increases  the  sig¬ 
nal  processing  load  as  well  as  the  time  devoted  to  obtaining  covariance  matrix 
updates. 


This  paper  presents  a  particularly  simple  method  for  producing  near  or  far 
field  trough-like  array  patterns  in  place  of  simple  adapted  nulls.  The  method 
involves  very  little  extra  processing  to  form  an  augmented  covariance  matrix 
and  is  here  shown  to  produce  patterns  that  are  almost  identical  to  what  would 
be  obtained  by  clustering  a  group  of  sources  around  each  measured  source. 
The  technique  is  adaptive,  and  so  requires  no  information  about  source  loca¬ 
tion  or  source  strength. 


The  adaptive  array  optimizes  signal-to-noise  using  the  measured  noise  co- 
variance  matrix.  The  signal-to-noise  ratio  is  given  in  terms  of  the  signal  and 
noise  covariance  matrices  as: 


5  E;E,  ^  W^MsW 

N  ~  E^  ITtM/vlT  ^  ’ 

where  the  superscript  f  means  conjugate  transpose,  and  the  overbar  indicates 
a  time  average.  M  is  the  covariance  matrix  of  the  signal  or  noise  as  indicated 
by  the  subscript,  and  E  is  the  weighted  sum  of  the  signals  received  form  any 
sources  and  receiver  channel  noise.  The  covariance  matrix  is  given  in  terms  of 
the  column  vectors  of  received  signals  ”e”  as: 

M  =  e‘e^  (2) 
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2.0  ADAPTIVE  FAR  FIELD  TROUGH  P.ATTER.N'S  FOR  A 


ONE  DIMENSIONAL  ARRAY 


The  method  is  most  simply  presented  by  considering  a  line  array  with 
arbitrarily  spaced  elements. 

Assuming  that  the  noise  terms  are  not  correlated  with  the  incident  waves, 
and  the  incident  waves  are  not  correlated  with  each  other,  the  terms  in  the 
noise  covariance  matrix  Ms  for  a  one  dimensional  array  are: 


rrinm  =  NnS{n,m)  +  ^  PjC  (3) 

3 

The  sum  is  performed  over  all  interfering  sources  with  averaged  power  Pj 
and  direction  cosines  Uj  =  sin  Oj  for  6j  measured  from  the  array  normal.  The 
numbers  are  the  element  locations,  A^„  is  the  receiver  noise  in  the  n’th 
channel  and  5{n,m)  is  the  Kronecker  delta  function. The  sources  of  interfer¬ 
ence  are  here  shown  to  be  at  monotonic  frequencies,  but  are  more  likely  to  be 
narrow  band  uncorrelated  sources. 


For  strong  sources  at  discrete  angles,  the  array  will  place  a  null  at  every 
source.  If  instead  of  that  one  source  Pj  there  were  a  cluster  of  ’no’  equal 
strength  incoherent  sources  arranged  in  a  line  centered  about  each  original  in¬ 
terference  source,  the  pattern  would  have  troughs  centered  at  each  source.  For 
the  linear  array  with  interference  sources  at  angles  Uj,  these  new  sources  are  at: 
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u  —  Uj  ([S 


(4) 


for 


(5) 


Choose  S  =  where  W  is  the  trough  width  between  outermost  nulls. 

no  —1 


In  this  case  the  additional  sources  can  be  summed  in  closed  form,  as  a 
geometric  sum,  and  the  covariance  matrix  term  becomes; 


Mnm  =  Nn6{ 


n 


sin(noAj  ) 


-,)Uj 


sin(Aj) 


(6) 


for 


TT 

Aj  “  T  (^m  (*^) 

Notice  that  for  the  off-diagonal  terms,  the  components  of  the  new  covari¬ 
ance  matrix  are  just  the  original  terms  multiplied  by  the  sine  function.  There 
is  no  angle  dependence  in  the  sine  functions,  and  so  the  same  factor  multiplies 
each  source  term. 


The  measured  covariance  matrix  has  noise  in  the  diagonal  terms,  and  so 
it  is  not  possible  to  exactly  duplicate  the  expression  above  by  multiplying  the 
measured  matrix  coefficients  by  the  sine  functions.  The  off  diagonal  terms  are 
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exactly  reproduced,  but  the  diagonal  terms  have  the  noise  contibution  multi¬ 
plied  by  no-  Thus,  in  place  of  equation  6,  the  augmented  covariance  matrix 
produced  by  simply  multiplying  the  measured  covariance  matrix  by  the  sine 
factors  has  coefficients  of  the  form; 


—  m-r 


szn(noA) 

sin{A) 


(8) 


for  runm  given  in  equation  3.  Notice  that  in  this  expression  we  have  re¬ 
placed  the  individual  Aj  terms  by  A,  assuming  some  average  wavelength  A 
in  place  of  the  Xj.  This  arroeximation  simply  scales  the  width  of  the  trough 
region  at  each  frequency. 


The  net  change  to  the  covariance  matrix  is  to  diagonally  load  the  matrix  by 
adding  noise  (here  specifically  by  multiplying  the  channel  noise  by  no),  while 
otherwise  producing  a  trough  of  scaled  width  Wj  at  each  interference  location. 
In  effect,  each  source  appears  like  ’no’  equally  spaced  sources, and  the  chan¬ 
nel  noise  is  multiplied  by  no-  The  diagonal  loading  itself  does  not  necessarily 
decrease  the  signal  to  noise  of  the  array,  and  some  cases  may  improve  it,  or 
[1]  reduce  the  array  sensitivity  to  errors  in  the  measured  estimate  of  the  matrix. 


Figure  1  shows  the  pattern  of  a  64  element  array  with  a  20dB  Taylor  pat¬ 
tern  (  n  =  8).  The  array  has  equally  spaced  elements  with  0.5  wavelength 
spacing.  The  array  is  subject  to  two  interfering  sources  of  the  same  ampli¬ 
tude,  and  located  at  Uj  =  0.3  and  0.8).  The  interfering  sources  are  taken  as 
30dB  larger  than  the  channel  noise.  The  pattern  without  augmentation  of  the 
covariance  matrix  is  not  shown,  but  does  have  narrow  nulls  at  the  locations  of 
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the  interfering  sources/l'lie  array  covariance  matrix  is  modified  as  indicated  in 
equation  8  to  produce  trough  shaped  regions  centered  at  these  two  locations  by 
using  no=7  and  W=0.1.  The  resulting  pattern  shows  the  two  trough  regions 
with  enough  detail  to  observe  the  individual  nulls  making  up  each  trough. 

Although  this  example  used  a  periodic  array,  the  analysis  does  not  rely 
upon  periodicity,  and  could  as  well  pertain  to  an  arbitrarily  spaced  array. 


3.0  MATRIX  FOR  A  TWO  DIMENSIONAL  ARRAY: 


The  augmented  matrix  for  a  two  dimensional  array  is  readily  obtained  in 
the  same  manner  as  the  one  dimensipnal  array.  In  this  case  it  is  desired  to 
produce  a  rectangular  grouping  of  ’no’  by  ’mo’  equal  sources  at  each  interfer¬ 
ence. 


The  result  is  : 


sm(noAx)  sin{mo7S.y) 
sin{Ax)  sin{Ay) 


(9) 


For  Ax  and  Ay  as  defined  in  equation  7  based  upon  the  trough  widths  in  each 
plane,  and  using: 


m„ 


=  N„6(n,m)  -b 


(10) 


Figures  2  and  3  show  contour  plots  of  the  pattern  of  an  array  of  16  columns 
and  16  rows,  with  half  wave  spacing  on  a  square  grid.  The  array  taper  is 
the  separable  product  of  the  same  Taylor  pattern  as  the  linear  array,  and 
so  produces  the  principal  plane  ridges  shown  in  Figure  2  for  the  quiescent 
pattern.  Principal  plane  sidelobes  are  at  the  -20dB  level,  and  so  the  contours 
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chosen  are  at  dB  levels  of  -3,- 15,-30,-45.  etc. .The  channel  noise  and  interfering 
sources  are  in  the  same  -30dB  ratio.  Although  not  shown,  a  contour  plot  for 
the  adaptive  array  response  to  the  original  covariance  matrix  had  a  simple 
narrow  null  at  each  interference  location.  Figure  3  was  chosen  to  illustrate 
a  fairly  extreme  broadening  of  the  pattern  subject  to  two  interfering  sources 
at  (u,v)=:  (0.42,0.0)  and  (0.0,0.42).  The  chosen  trough  width  is  0.2  in  both 
planes,  and  both  no  and  mo  were  LI.  This  forced  the  resulting  pattern  to 
be  the  response  to  121  interfering  sources  at  each  trough  region,  and  shows 
two  contoured  regions  (darker  line)  of  the  correct  size  with  all  sidelobes  below 
-75  dB.  The  trough  regions  are  not  rectangular  because  the  interference  has  a 
diagonal  symmetry. 

4.0  ADAPTIVE  NEAR  EIELD  TROUGHS 


A  similar  formulation  can  produce  wide  troughs  in  the  near  field  of  an 
array.  In  this  case,  unlike  the  case  of  far  field  pattern  troughs,  the  method 
applied  to  form  a  trough  at  one  area  does  nto  necessarily  form  useful  troughs  at 
every  other  area,  because  the  near  field  behavior  is  far  more  complex.  In  this 
case  one  can  form  a  single  near  field  trough,  using  one  noise  source,  and  the 
behavior  at  other  near  or  far  field  sources  will  be  modified,  but  not  necessarily 
caused  to  have  deep  troughs. 

The  signal  and  noise  received  at  element  ’n’  of  an  array  is  given  as  it 
receives  radiation  from  far  field  sources  j  =  l  to  Jf  and  near  field  sources 
j  =  Jp+i  to  Jf+Jm  ■ 
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Jf 


;  =  i 


^  R 

j  =  Jf  +  \ 


(11) 


In  this  expression  the  array  element  center  coordinates  r„,  and  far  field 
source  direction  unit  vector  pj  are: 


Tn  =  xa:„  +  y?/n  +  (12) 

Pj  =  xuj  +  yvj  +  zcos9 


The  wave  number  kj  =  ^  and  the  constants  Aj  are  referenced  to  the 
various  incident  waves.  The  near  field  sources  of  interference  are  located  at 
ixj,yj,Zj)  and  the  discrete  Rjn  given  by 


Rjn  =  [(^J  -  +  {yj  -  VnY  +  {Zj  “  2n)T^"  =1  “  ’"n  |  (13) 

The  covariance  matrix  corresponding  to  this  set  of  incident  waves  has  the 
matrix  coefficients 


Jf 

j=l  i=-/r  +  i 


>  (^;m  "  f^jn) 

f^JTTl  ^jn 


(14) 


In  deriving  this  expression  it  is  assumed  that  all  jamming  sources  are  uncor¬ 
related  ,  which  may  not  necessarily  be  so  if  the  near  field  sources  are  scattered 
from  nearby  platform  scatterers.  A  similar  relation  is  readily  derived  for  the 
correlated  case. 
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To  create  a  tiiree  dimensinal  trough  in  the  near  field,  in  the  neighborhood 
of  someone  near  field  source  location  f_,,  one  adds  additional  sources  of  power 
amplitude  P,  at  locations  in  a  coordinate  system  centered  at  fj  ,  so  that 
the  sources  are  at 

(x,y,2)  =  (r-j +PJ.  (15) 

The  distance  from  this  q’th  souce  at  the  n’th  element  is  given  exactly  and 
approximately  by  the  following  equations. 

Rqn  =\  -rn  +  rj +  r^\  (16) 


=  ^.n+n-(^) 

iijn 

this  ratio  ^  is  the  unit  vector  that  points  from  the  n’th  element  to  the  j’th 
source. 

Superimposing  ’Q’  of  these  sources,  each  at  some  different  location  ,  one 
obtains  a  new  covariance  matrix  for  an  idealized  system  that  has  troughs  at 
every  near  field  source. 


=  Nn6{n,m)  +  Y^ 
j=i 


Rj-  D  D 


HSU  (17) 

q=l 


where 


S'? 

‘^jnm 


-jk/i 


<J  l-H,. 


(18) 


With  this  new  covariance  matrix,  the  array  pattern  will  have  trough  regions 
centered  about  the  defined  near  field  sources. 


467 


Unfortunately,  using  the  measured  covariance  matrix  due  to  a  number  of 
real  sources,  it  will  not  be  possible  to  make  modifications  that  correspond  to 
the  idealizerd  configuration  above.  The  best  one  can  do  is  to  pick  one  near 
field  location,  fj  =fj,  and  form  the  augmented  covariance  matrix  with  terms; 

Mnm  =  rnnmY.^Jnm  (^9) 

q-\ 

This  new  matrix  places  the  desired  trough  at  the  one  selected  location,  and 
places  modified  trough  regions  around  the  other  near  field  sources.  It  retains 
the  point  far  field  nulls  and  adds  distorted  trough  regions  about  each  far  field 
source.  Figures  4  and  5  show  an  example  of  this  technique  for  broadening  near 
field  nulls.  Figure  4  shows  the  near  and  far  field  patterns  of  a  32  element  linear 
array  adapted  by  sample  matrix  inversion  to  discriminate  against  two  sources 
of  interference,  a  far  field  source  at  u=0.3,  and  a  near  field  source  at  location 
(x,y,z)=  (-5,0,20),  with  all  dimensions  normalized  to  wavelengths.  The  array  is 
centered  at  the  origin  of  the  coordinate  system,  and  extends  along  the  x-axis, 
with  elements  one  half  wavelength  apart.  The  far  field  pattern  is  derived  from 
a  quiescent  -20  dB  Taylor  pattern,  and  displays  the  expected  null  at  u  0.3. 
The  near  field  pattern  of  Figure  4  is  calculated  along  a  line  from  x=-25  to  25, 
with  y=0  and  z=20  ,  and  shows  the  near  field  null  at  x=-0.5.  Figure  5  shows 
the  corresponding  far  and  near  field  patterns  obtained  with  the  augmented 
covariance  matrix,  using  10  virtual  sources,  spread  out  over  a  trough  width  of 
5,  centered  at  -5.  The  matrix  was  created  to  widen  the  near  field  null  in  Figure 
5,  and  it  does,  but  the  figure  also  shows  broadening  of  the  far  field  null  in  this 
case.  These  figures  confirm  that  the  augmented  covariance  matrix  technique 
has  utility  for  near  field  control  as  well  as  far  field  control. 
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5.0  AUGMENTED  COVARIANCE  MATRIX  TO  IMPROVE  THE 
ADAPTIVE  RESPONSE  TO  A  MOVING  SOURCE 


Giving  a  single  interfering  source  at  the  far  field  source  direction  Pj,  moving 
in  any  general  direction,  one  would  need  to  update  the  noise  covariance  matrix 
periodically  in  order  to  keep  the  pattern  continually  nulled  in  the  direction  of 
the  interference.  If  the  source  motion  can  be  estimated,  this  processing  burdon 
can  be  relieved  by  modifying  the  noise  covariance  matrix  to  force  the  formed 
pattern  null  to  follow  the  motion  of  the  source. 

The  covariance  matrix  for  the  noise  source  at  pj  ha^  terms: 

ntr^m  =  A'n^ln,  Tu)  +  p.  (20) 

Using  this  mecisured  covariance  matrix  as  basis,  one  can  modify  the  matrix  to 
correspond  to  one  for  a  source  at  where 


P  —  Pj  +  ^P 


(21) 


The  resulting  covariance  matrix  has  terms: 


Mnn.  =  NJ{n,  m)  +  (p;+Ap)  (22) 

As  before,  this  augmented  covariance  matrix  is  obtained  by  multiplying 
the  terms  of  the  measured  covariance  matrix  by  the  known  factor,  to  result  in: 


= 


^jkjAp  -{Tm-Tn) 


which  is  the  same  as  the  previous  expression  for  Mnrn 


(23) 
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This  result  shows  that  as  long  as  the  motion  of  an  interfering  source  can 
be  anticipated,  the  adapted  pattern  using  the  augmented  covariance  matrix 
obtained  for  the  original  location  can  be  made  equal  to  what  it  would  be  if  it 
adapted  to  the  new  location.  This  feature  should  be  a  significant  advantage  in 
terms  of  required  signal  processing,  since  it  is  accomplished  by  an  extremely 
simple  algorithm. 

6.0  CONCLUSION 

This  paper  has  introduced  a  simple  technique  to  produce  adaptive  trough 
patterns  and  other  generalized  pattern  changes  in  response  to  discrete  sources 
of  interference.  The  technique  is  useful  for  linear  or  planar  arrays  with  ar¬ 
bitrary  spacing,  can  produce  near  and  far  field  troughs,  and  displace  pattern 
nulls  in  accord  with  pre-set  rules.  Each  of  these  alterations  can  be  implemented 
with  very  little  processing. 
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IDE(dB) 


Figure  2.  Quiescent  contour  pattern  of  16  by  16  element  array  with  broad¬ 
side  separable  Taylor  illimination.(Note:  Pattern  is  restricted  by  ’Teal  space” 
limits  <  1 ) 
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Figure  3.  Contour  pattern  of  16  by  16  element  array  with  augmented  co- 
variance  matrix  (mo  =  uq  =  11,  W=0.2  in  both  planes,  and  interfering  sources 
at  (u,v)=  (0.42,  0)  and  (0,  0-42)(Note;  Pattern  is  restricted  by  ’’real  space” 
limits  4-  <  1 ) 


PATTERNS  FOR  ONE 


Figure  5.  Far  field  and  near  field  patterns  of  a  32  element  array  as  stated 
Figure  4,  but  assuming  10  near  field  sources  from  x=-7.5  to  x-2.5. 
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Abstract 

This  paper  will  detail  some  of  the  digital  beamforming  and  adaptive  array 
processing  work  taking  place  at  the  University  of  Massachusetts  Microwave 
Remote  Sensing  Laboratory  (MIRSL).  Data  from  both  linear  and  planar  imaging 
array  radar  systems  are  considered,  and  they  are  combined  with  theoretical  results 
to  evaluate  the  performance  of  common  algorithms  operating  in  signal 
environments  typical  of  remote  sensing  radars. 


1.  Introduction 

Imaging  radar  systems  rely  heavily  on  their  antenna  systems  for  spatial 
filtering  as  the  ability  of  a  system  to  separate  signals  arriving  from  different 
directions  significantly  affects  the  accuracy  with  which  a  target  or  region  of 
interest  can  be  imaged  in  the  presence  of  interfering  signals.  This  is  particularly 
true  of  radars  used  in  remote  sensing  of  environmental  targets  as  the  ‘target’  and 
‘interference’  signals  often  have  nearly  identical  temporal  spectra,  making  the  use 
of  doppler  filtering  techniques  (e.g.  MTI)  difficult  or  impossible.  It  is  highly 
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desirable,  therefore,  to  optimize  the  spatial  frequency  response  of  the  antenna 
system  such  that  the  total  interference  return  is  minimized. 

The  Microwave  Remote  Sensing  Laboratory  at  the  University  of 
Massachusetts  is  fortunate  to  have  two  functional  digitally  beamformed  imaging 
array  radars.  The  first  (FOP AIR  [1])  is  an  X-band  linear  array  (Figure  1)  that  is 
used  for  studying  ocean  wave  phenomena.  The  second  ,TEP  [2]  (Figure  2),  is  an 
L-band  planar  array  for  imaging  clear-air  turbulence  in  the  atmospheric  boundary 
layer.  Each  of  these  systems  experiences  interference  problems  differently,  and  the 
two  systems  serve  as  a  test-bed  for  evaluating  the  potential  performance  gains  that 
are  obtainable  through  adaptive  or  optimum  beamforming. 

2.  Linear  Array  Studies  Using  the  FOPAER  System 

2. 1  Brief  Description  of  the  FOP  AIR  System 

The  Focused  Phased  Array  Imaging  Radar  (FOP AIR)  uses  a  128-element 
linear  array  to  form  images  of  the  ocean  surface  at  near  grazing  angles.  The 
system  functions  as  a  pulse-doppler  radar,  illuminating  a  large  swath  of  the  ocean 
surface  (+/-  16  degrees  about  array  broadside)  with  a  single  transmit  antenna  and 
measuring  the  scattered  return  coherently  at  each  of  the  128  receive  antennas. 
These  complex  signals  are  digitized  and  used  to  form  a  large  number  of 
simultaneous  beams  at  each  range  gate,  breaking  the  image  up  into  pixels. 
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A  typical  returned  intensity  image  formed  by  this  system  has  a  fairly  limited 
dynamic  range.  However,  several  cases  arise  in  which  the  returned  intensity  is 
such  that  image  distortions  occur.  The  first  case  of  interest  is  when  a  large 
scatterer  such  as  a  boat  or  a  buoy  is  present  in  the  image.  These  objects  present  a 
large  return  to  the  array  (with  respect  to  the  ocean-scattered  return),  and  ‘paint’ 
onto  other  pixels  in  the  same  range  gate  through  sidelobe  leakage  (Figure  3a).  A 
similar  effect  may  be  seen  when  breaking  waves  are  present  in  the  image,  and  the 
specular  reflection  from  the  wave  face  produces  an  impulsive  response  at  the  array 
(i.e.  a  “sea  spike”).  The  breaking  wave  response  is  often  simultaneously  present 
over  several  beamwidths  in  the  image,  making  cancellation  a  difficult  problem. 
Finally,  even  when  the  intensity  image  does  not  show  significant  degradation  due 
to  interference,  the  pulse-pair  processing  used  by  the  FOP  AIR  system  to  estimate 
mean  doppler  velocity  can  be  highly  biased  by  interference  leaking  though  the 
sidelobes  of  the  array. 

In  all  of  these  situations,  the  dynamic  range  of  the  system  is  being 
fundamentally  limited  by  the  array  sidelobes.  When  the  scene  generates  returns 
with  a  larger  dynamic  range  than  the  peak  sidelobe  level  of  the  array  response, 
significant  degradation  of  the  image  may  result.  By  using  adaptive  or  optimum 
array  processing  instead  of  conventional  weight-and-sum  type  beamforming,  it  is 
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hoped  that  the  array’s  degrees  of  freedom  can  be  more  efficiently  utilized,  and  the 
dynamic  range  of  the  system  can  be  increased. 

An  important  limitation  that  is  immediately  evident  when  attempting  to 
apply  adaptive  processing  techniques  to  FOP  AIR  data  is  the  fact  that  the  scene 
changes  fairly  rapidly,  so  only  32  to  128  independent  samples  are  available  at  each 
pixel  before  the  ocean  structures  move  through  the  pixel.  Since  the  fastest 
adaptive  algorithms  require  a  number  of  samples  greater  than  twice  the  number  of 
degrees  of  freedom,  it  clear  that  a  fully  adaptive  processor  is  not  practical,  and 
sub-optimal  techniques  must  be  considered. 

2. 2  Outline  of  Processing  Steps 

The  basic  problem  is  to  chose  a  limited  number  of  the  available  degrees  of 
freedom  and,  assuming  that  this  limited  set  of  signals  adequately  represents  the 
dominant  interference  sources,  to  adapt  the  array  response  such  that  the 
interference  return  is  minimized.  The  flow  diagram  of  the  algorithm  that  we  have 
implemented  is  shown  in  Figure  4,  and  it  represents  a  beamspace  partially  adaptive 
nulling  routine[3].  A  number,  N  (N=number  of  array  elements),  of  simultaneous 
beams  are  formed  using  a  simple  FFT  processor.  From  these  beams,  we  choose 
the  M  beams  with  largest  intensity  for  adaptive  processing.  The  number  M  is 
chosen  to  be  approximately  1/3  the  number  of  available  samples  to  ensure 
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convergence.  The  algorithm  then  proceeds  as  a  constrained  power  minimization 
problem  [4]  and  can  be  represented  as  follows: 

Denote  the  complex  adaptive  beam  weights  as  the  column  vector 

w  =  [w,  w^...  w^f 

and  the  associated  complex  beam  outputs  can  be  written  as. 

b  =  [i, 

The  output  of  the  desired  beam  and  its  associated  (and  fixed)  weighting  coefficient 
are  given  respectively  as; 

=  desired  beam  output 
Wq  =  desired  beam  weight 

In  these  equations,  the  superscript ‘T’  denotes  transpose,  *  denotes  conjugate, 
and  ‘H’  denotes  conjugate  transpose. 

The  output  of  this  processor  is  then  given  by  the  complex  scalar 

y  =  wj  +  -b 

The  total  output  power,  the  expected  value  of  ly^l' ,  is  then  minimized  subject  to 
the  constraint  that  the  desired  beam  coefficient,  Wo,  is  held  constant.  The  solution 
to  this  problem  is  a  common  result  [3]  and  is  given  by 

where  Rtb  is  the  M  x  M  correlation  matrix  of  the  M  complex  beam  outputs. 
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R,,  =£[b-b^]. 


and  To  is  defined  as 

r.  =£[bZ»J. 

A  simple  block  average  in  time  is  used  to  estimate  Rbb,  and  the  SMI  technique[5]  is 
then  used  to  compute  the  optimum  weight  vector.  The  beamwidth  of  the  FOP  AIR 
array  is  quite  narrow  (-0.25“),  and  the  single  main  beam  constraint  is  usually  all 
that  is  necessary  to  maintain  well  formed  main  beams  in  the  majority  of  the  pixels. 
This  is  true  mainly  because  the  interference  is  present  only  in  the  sidelobe  regions 
of  most  of  the  beams,  well  away  from  the  steering  direction  of  the  desired  beam. 
Multiple  linear  constraints  are  easily  implemented  [4]  to  improve  main  beam  shape 
for  beams  with  interference  near  to  the  steering  direction. 

Care  must  be  taken  when  adapting  beams  near  to  strong  interference 
sources,  as  strong  desired  returns  may  leak  into  neighboring  beams.  This  leakage 
may  be  used  by  the  processor  to  cancel  part  of  the  desired  signal.  Although  it  has 
not  been  implemented  as  an  entirely  automated  process,  we  have  used  analysis  of 
the  spatial  covariance  matrix  Rbb  to  help  identify  this  problem  and  to  aid  in  a  better 
selection  of  adaptive  beams.  In  cases  where  the  dominant  interferers  are  nearly 
point-source  in  nature,  the  eigenvalues  of  Rbb  will  correspond  to  the  powers  of  the 
individual  interference  sources.  If  it  is  suspected  that  desired  signal  is  leaking  into 
the  adaptive  beams,  one  could  examine  the  eigenvalues  of  the  M-1  x  M-1 
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covariance  matrices  formed  using  all  combinations  of  M-1  of  the  M  beams 
chosen  for  adaptation.  By  determining  how  the  eigenvalues  change  with  varying 
choice  of  adaptive  beams,  one  may  determine  which  beams  are  contributing  to 
which  eigenvalues,  and  therefore  which  beams  are  being  influenced  most  strongly 
by  which  interference  sources.  This  information  can  be  used  in  turn  to  allow  a 
better  utilization  of  the  adaptive  degrees  of  freedom.  For  example,  consider  an  64- 
element  fully  adaptive  beamspace  processor  with  a  single  narrowband  interference 
source  incident  on  the  array  from  3  degrees  from  the  broadside  direction  ( to 
account  for  the  issue  of  orthogonal  beams).  Uncorrelated  white  noise  is  also 
assumes  present  at  each  element.  Figure  5  plots  the  eigenvalues  associated  with 
the  63  X  63  covariance  matrix  formed  by  removing  one  beam  at  a  time  from  the 
processor.  The  x-axis  represents  the  removed  beam,  and  the  y-axis  represents  the 
magnitude  of  the  eigenvalues.  Each  plot  on  this  graph  represents  the  variation  of 
the  one  of  the  eigenvalues  with  respect  to  the  choice  of  adaptive  beams.  Although 
there  is  only  one  source  present,  it  is  clear  that  the  beams  around  the  broadside 
direction  contribute  to  the  dominant  eigenvalue  due  to  the  interference  source 
leaking  into  these  other  beams  through  their  sidelobe  responses.  These  beams 
may  have  been  chosen  for  adaptation  on  the  basis  of  their  received  power,  but  will 
all  be  used  to  null  a  single  interference  source.  On  the  basis  of  the  previous  eigen- 
decomposition,  however,  we  can  remove  these  beams  from  the  processor,  and 
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permit  them  to  be  used  for  other  interference  sources,  if  necessary.  The  work  in 
[3]  is  similar  to  this  in  that  it  uses  a  threshold  on  the  eigenvalue  magnitudes  to 
decide  if  they  are  true  interference  contributions  or  leakage  and  noise 
contributions.  A  pseudo-inverse  technique  is  then  used  to  form  Rtk'  using  only 
the  dominant  eigen-components.  We  have  found  that  this  threshold  is  difficult  to 
set  accurately  when  the  data  contains  multiple  strong  interference  sources  of 
varying  power.  Choosing  a  threshold  based  on  the  largest  source’s  leakage 
potential  (for  example,  lOdB  below  the  peak  received  power)  may  filter  out 
significant,  but  smaller,  sources.  On  the  other  hand,  choosing  a  lower  threshold  to 
permit  smaller  source  contributions  may  permit  the  leakage  from  the  larger  source 
to  use  up  degrees  of  freedom  unnecessarily.  We  are  continuing  to  work  on  a  more 
automated  way  of  implementing  these  ideas. 

2.3  Typical  Results 

The  above  techniques  were  applied  to  experimental  data  fi'om  the  FOP  AIR 
system,  and  typical  image  results  are  shown  in  Figure  6a  and  Figure  6b.  Figure  6a 
is  an  intensity  plot  produced  using  a  FFT  beamformer  with  a  30dB  Taylor 
weighting  applied  to  the  aperture.  Ocean  wave  structure  is  evident  in  the  lower 
right  portion  of  the  image,  while  three  dominant  sources  (returns  from  a 
measurement  tower  and  buoys)  are  located  near  the  top  left  of  the  scene.  The 
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sidelobe  leakage  into  other  azimuthal  bins  around  these  sources  has  significantly 
degraded  the  image.  Figure  6b  illustrates  the  adaptively  beamformed  version  of 
the  same  data  set.  Significant  improvement  has  been  made  by  using  only  8 
adaptive  beams  and  32  samples.  The  dominant  sources  are  now  well  localized,  and 
the  remainder  of  the  image  is  no  longer  distorted.  Figure  7  examines  in  detail  the 
range  gate  with  the  largest  source.  The  adaptive  processing  retains  the  details  of 
the  scene,  and  permits  a  significantly  larger  dynamic  range  in  the  scene  than  that 
obtainable  through  conventional  beamforming. 

2.4  Comments 

As  a  final  note,  it  should  be  pointed  out  that  the  techniques  described  thus 
far  are  not  truly  optimal.  The  question  of  which  beams  are  chosen  for  adaptive 
weighting  was  answered  by  using  a  simple  threshold  detector  based  on  the 
received  power,  and  the  problem  of  how  to  optimally  chose  a  limited  number  of 
adaptive  degrees  of  freedom  from  a  fully  adaptive  set  remains  largely  unanswered. 
This  is  particularly  true  if  one  additionally  includes  a  limitation  on  the  number  of 
available  independent  sample  that  are  available  to  the  algorithm.  The  work  in  [6] 
and  [7]  represents  important  contributions  to  resolving  this  issue,  but  both 
approaches  require  more  information  or  assumptions  about  the  signal  environment 
than  can  be  practically  satisfied.  Also,  the  present  implementation  of  the 
processing  requires  significant  operator  intervention  to  identify  signal  cancellation 
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and  similar  phenomena.  Comparison  of  the  adaptive  nulling  results  to  simple  FFT 
images  and  associated  array  patterns  yields  important  clues  for  the  operator,  and 
use  of  the  eigen- structure  of  the  covariance  matrix  is  a  useful  tool  (see  also  [3]), 
but,  again,  these  are  non-optimal  solutions  and  are  certainly  not  efficient  to 
implement.  These  kinds  of  issues  are  fundamental  to  the  application  of  adaptive 
nulling  techniques  to  real  systems,  and  provide  interesting  (and  challenging) 
problems  for  future  work  in  the  area. 

3.  Planar  Array  Studies  Using  the  TEP  System 

3. 1  Brief  Description  of  the  TEP  System 

The  Turbulent  Eddy  Profiler  (TEP)  (Figure  2)  uses  a  90-element  hexagonal 
array  operating  at  915  MHz  to  form  images  of  clear  air  turbulence  in  the 
atmospheric  boundary  layer.  The  system  functions  as  a  pulse-doppler  radar, 
illuminating  a  large  conical  volume  looking  straight  up  from  the  ground  (+/-  12.5 
degrees  about  array  broadside)  with  a  single  transmit  antenna  and  measuring  the 
scattered  return  coherently  at  each  of  the  90  receive  antennas.  These  complex 
signals  are  digitized  and  used  to  form  approximately  50  simultaneous  beams  at 
each  of  64  range  gates,  breaking  the  image  up  into  pixels  roughly  30  x  30  x  30  m 
at  a  range  of  500m. 
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The  returned  signal  from  the  atmosphere  is  very  small  in  magnitude,  and  is 
easily  dwarfed  by  returns  from  ground  clutter,  particularly  at  lower  range  gates. 
Furthermore,  the  small  doppler  velocity  typical  of  the  atmospheric  return  often 
results  in  the  target  and  interference  temporal  spectra  overlapping.  Thus, 
frequency  filtering  is  a  problem,  and  we  must  rely  heavily  on  spatial  information  to 
act  as  a  discriminant  between  signals. 

3.2  Processing  Overview 

Several  difficult  problems  are  presented  to  the  signal  processor  by  the 
interference  environment  experienced  by  TEP.  Ground  clutter  is  inherently  a 
distributed  phenomenon,  implying  that  we  would  like  the  array  to  produce  a  low- 
sidelobe  response  over  broad  angular  regions.  In  the  TEP  application,  the 
interference  is  incident  on  the  array  from  near  endfire  from  a  wide  range  of 
azimuth  angles.  The  TEP  receive  array  is  nearly  25  wavelengths  across,  but  the 
ultimate  receiver  bandwidth  (+/-  lOOHz  at  baseband)  is  extremely  narrow,  and 
bandwidth  is  not  expected  to  be  an  issue  for  this  adaptive  processor  [8]. 

Information  particular  to  the  TEP  system  can  be  used  to  mitigate  some  of 
these  issues,  however.  First,  we  will  assume  that  the  ground  clutter  has  a  zero- 
mean  temporal  spectra.  We  can  therefore  implement  a  digital  filter  to  eliminate  all 
zero-doppler  signals  (e.g.  returns  from  fixed  object  such  as  buildings),  before 
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doing  adaptive  beamforming.  This  allows  the  adaptive  processor  to  focus  on 
moving  clutter,  such  as  wind  driven  vegetation.  Second,  we  know  that  the  ground 
clutter  of  interest  is  moving,  but  generally  fixed  in  location  (e.g..  trees).  Therefore, 
we  can  obtain  a  large  number  of  independent  samples  of  the  interfering  signals 
without  worrying  about  any  migration  of  the  sources  in  range.  The  entire  array 
can  therefore  be  used  for  adaptation.  Finally,  the  interference  environment  is  not 
likely  to  change  significantly  in  time,  so  the  adaptive  weights  can  be  generated 
once  and  used  for  the  remainder  of  the  imaging  time,  essentially  implementing  a 
clutter  map. 

The  derivation  of  the  adaptive  weight  vector  follows  exactly  that  of  Section 
2,  except  that  we  may  now  allow  the  number  of  adaptive  degrees  of  freedom  (M) 
to  equal  the  total  number  of  beams  (N).  (Note  that  an  N-element  array  can  be 
combined  to  produce  at  most  N  independent  beams). 

3. 3  Sample  Results 

The  TEP  system  is  undergoing  final  engineering  tests  this  summer,  and  the 
calibration  of  the  large,  upward-looking  receive  array  has  not  yet  been  adequately 
validated.  Experiments  are  currently  underway  to  improve  our  understanding  of 
the  system  and  the  practical  limitations  that  it  may  place  on  the  adaptive 
processor. 
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Preliminary  application  of  the  techniques  described  above  to  simulated  data 
has  demonstrated  only  limited  success  (~2-3dB  improvement  in  clutter  rejection 
over  conventional  beamforming  techniques).  Clutter  that  is  distributed  all  about 
the  array  in  azimuth  decorrelates  quickly  from  element-to-element,  and  appears  as 
uncorrelated  noise  in  the  covariance  matrix  estimate.  The  array  therefore  has  a 
difficult  time  nulling  the  clutter  even  though  it  is  present  over  only  a  small  range  of 
elevation  angles. 

Assuming  zero  bandwidth  signals  and  that  signals  from  different  directions 
are  mutually  uncorrelated,  the  element-space  spatial  correlation  matrix  is  given  by 

(^2  ^2 


Where 


P{6,<j))  =  Angular  distribution  of  clutter  power 
S  =  element  position  vector  =  a,  • 
a  =  spatial  projection  vector  =  a^  •  sin(^)cos(^)  -f  a^  •  sin(^)sin(^) 


k  =  propagation  constant  =  l7t !  X  . 


The  clutter  is  assumed  to  be  distributed  over  the  region  given  by 

6-^  <  0  <  02  'i  ^  ^  -  ^2  ■ 


Except  in  the  case  of  uniformly  distributed  clutter  (  P(9,(l))=constant ),  this 
expression  can  be  difficult  to  evaluate  analytically,  so  we  have  proceeded  with 
Monte-Carlo  type  simulations. 
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Figure  8  illustrates  some  of  the  performance  limits  of  the  proposed 
processing  for  clutter  distributed  over  a  fixed  region  of  elevation  angles  and 
varying  ranges  of  azimuth.  Clutter  was  simulated  [9]  for  a  single  range  gate  using 
a  large  number  (-1000)  of  independent  clutter  scatter ers  distributed  about  the 
array  in  azimuth,  and  the  clutter  was  permitted  to  have  a  small  doppler  spread 
consistent  with  measured  ground  clutter  results.  The  plot  shown  is  an  average  of 
100  trials,  and  shows  the  ratio  of  total  received  clutter  power  received  by  a  30dB 
Taylor  weighted  array  to  that  of  an  adaptively  weighted  array.  It  is  clear  that  only 
small  performance  gains  are  achieved  when  the  clutter  is  distributed  over  a  large 
number  of  resolution  cells. 

We  are  continuing  to  investigate  the  use  of  adaptive  techniques  for  nulling 
of  distributed  clutter.  Although  initial  results  do  not  demonstrate  sufficient 
improvement  relative  to  non-adaptive  techniques  to  warrant  the  additional 
computation  time,  the  potential  for  significantly  improved  system  performance 
through  adaptive  clutter  suppression  motivates  further  study  on  this  topic. 

4  Summary 

The  data  presented  here  represent  a  first  effort  at  applying  adaptive  array 
processing  to  actual  imaging  radar  data  for  the  Microwave  Remote  Sensing 
Laboratory  at  the  University  of  Massachusetts.  Preliminary  results  are 
encouraging  and  demonstrate  that  the  potential  benefit  of  adaptive  beamforming  to 
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actual  systems  can  be  significant  in  some  situations.  We  have  shown  that  practical 
systems  impose  many  constraints  on  the  processor,  however,  and  many  of  the 
classic  adaptive  nulling  techniques  must  be  revisited  and  reworked  with  these 
limitations  in  mind.  The  ability  to  optimally  configure  a  partially  adaptive 
processor  based  on  a  limited  number  of  independent  samples  of  the  scene  remains 
as  a  difficult  problem.  Also,  the  ability  of  an  adaptive  system  to  deal  with  large 
regions  of  distributed  clutter  has  not  been  fiilly  investigated  and  is  particularly 
applicable  to  ground  based  imaging  radars  such  as  TEP.  These  issues  form  the 
basis  for  the  continuing  adaptive  array  processing  work  at  the  University  of 
Massachusetts. 
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Figure  1 .  Conceptual  diagram  of  the  FOP  AIR  system  [  1  ] 
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Figure2a.  Conceptual  diagram  of  the  TEP  System 


Received  Signals 


Figure  4.  Adaptive  Processing  Flow  Diagram  (FOP AIR  Application) 


Figure  5.  Eigenvalue  plot  -  64  element  linear  array,  0.5  w.l.  spacing 
Single  jammer  present  at  3  degrees  off  broadside  (SNR=40dB) 
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Abstract 

A  radial  basis  function  (RBF)  artificial  neural  network  was  developed  with  output 
nodes  which  set  phase  shifters  to  steer  the  main  beam  of  an  eight  element,  linear, 
phased-array  antenna.  Each  element  is  an  open-ended  waveguide  with  a  ferrite  phase 
shifter  which  is  set  by  an  eight  bit  digital  word.  The  neural  net  is  trained  at  discrete 
angles  within  the  antenna  field  of  view.  We  present  experimental  results  and  theoretical 
predictions. 


1  Introduction 

Previously,  we  described  RBF  neural  beamformers  for  single  source  direction  finding  (DF) 
[1,  2,  3,  4]  and  detection  [5].  Current  research  is  on  the  control  of  the  radiation  pattern  of  a 
phased-array  antenna  using  neural  network  techniques  (reported  here)  and  genetic  algorithm 
techniques  (reported  in  a  companion  paper  [6]  in  this  proceedings).  In  the  present  paper, 
we  describe  a  neural  network  which  computes  the  element  phases  required  to  steer  the  array 
main  beam  to  any  angle  in  the  antenna  field  of  view  (typically  -60°  <  0  <  -f60°).  This 
relatively  simple,  but  useful,  task  is  a  first  step  in  developing  intelligent  control  algorithms 
for  phased-array  antennas,  including  operation  with  degraded  or  failed  elements,  conformal 
geometries  and  non-ideal  environments  with  near  field  scattering. 

’Work  performed  under  USAF  Contract  9iiF19628-92-C-0177. 
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The  paper  begins  with  a  description  of  the  experimental  antenna.  Next,  we  describe  the 
network  architecture  and  training  technique.  Finally,  we  present  theoretical  and  experimen¬ 
tal  results  and  conclude. 


2  Description  of  the  Experimental  Phased- Array  An¬ 
tenna 


Figure  1:  Array  architecture 

Our  experimental  antenna  is  a  C-band  (7.1  GHz),  eight  element,  linear  array  of  open-ended 
waveguides  with  ferrite  phase  shifters  as  shown  in  Figure  1.  Due  to  mechanical  considera¬ 
tions,  the  elements  had  to  be  separated  by  0.783A.  Measurements  were  taken  with  the  array 
in  an  anechoic  chamber  as  shown  in  Figure  2.  The  array  rotates  in  front  of  a  stationary 
source  horn  located  12  feet  away. 

With  all  eight  coaxial  RF  switches  connected  to  the  antenna  elements,  the  feed  is  an  ana¬ 
log  beamformer  with  a  single  output  port  going  to  a  Scientific  Atlanta  1780  phase/amplitude 
receiver.  We  can  then  measure  array  patterns.  Individual  elements  are  connected  to  the  re¬ 
ceiver  as  shown  in  Figure  1  where  the  left-most  element  is  connected.  We  can  then  measure 
element  patterns.  The  phase  and  amplitude  response  of  each  element  (including  the  cumu¬ 
lative  effects  of  coaxial  feed  lines  and  the  power  combiner)  is  measured  as  the  array  rotates 
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Figure  2:  Experimental  phased-array  antenna  in  the  anechoic  chamber.  The  phase  shifter 
drivers  are  in  the  box  in  the  lower  right. 

from  -90°  to  +90°.  Measured  element  phase  is  the  useful  information  for  training  our  neural 
network  to  perform  the  beam-steering  function. 

We  control  only  the  phase  shift  in  each  element  channel.  The  phase  shifters  are  axial- 
field,  ferrite  phase  shifters  (see  Figure  3)  and,  at  7.1  GHz,  provide  360°  of  insertion  phase. 
The  amount  of  phase  shift  is  determined  by  the  current  through  the  magnetic  coil  which 
is  set  by  the  voltage  output  from  a  digital  to  analog  (D/A)  converter  in  the  phase  shifter 
driver.  An  eight  bit  word  is  sent  to  the  D/A  from  our  PC  controller,  therefore,  we  can  set 
256  states  (0  to  255)  corresponding  to  insertion  phases  between  0°  and  360°. 
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WAVEGUIDE  TO  COAX 
y  TRANSITION 


WAVEGUIDE  (WR112) 


Figure  3:  C-band  Reggia-Spencer  type,  axial-field,  reflective  ferrite  phase  shifters 

3  Neural  Network  Beam-Steering 

The  architecture  of  the  neural  network  beam-steering  system  is  shown  in  Figure  4.  The 
network  input  is  the  commanded  beam-steering  (or  scan)  angle.  The  Gaussian  RBF  nodes 
have  centers  in  the  input  space  of  commanded  steering  angles.  Network  outputs  are  phase 
differences.  Postprocessing  automatically  converts  the  phase  differences  to  eight  digital  states 
(eight  bit  words)  to  set  the  phase  shifters  to  steer  the  main  beam  to  the  commanded  angle. 

The  role  of  the  network  is  function  approximation  [7,  8].  To  effectively  perform  its  task, 
the  network  is  trained  using  a  process  called  supervised  learning.  \^'e  present  the  network 
with  beam-steering  angles  and  corresponding  “target'’  or  “desired’'  output  vectors.  Each 
target  vector  consists  of  the  negative  of  the  seven  measured  phase  differences.  Negative 
values  are  used  so  we  can  apply  the  conjugate  phase  gradient.  The  network  is  trained 
at  these  angles  to  output  the  target  vector,  and,  hopefully,  has  learned  to  generalize  and 
accurately  steer  the  beam  between  training  angles. 

The  RBFs  used  in  the  hidden  layer  nodes  (nodes  with  RBF  centers  indicated  in  Figure  4) 
are  Gaussians.  The  output  of  the  ith  Gaussian  for  steering  angle  B  is 

<p.(^)  =  e-'^,  (1) 

for  i  —  1,2,  ...,t.  There  are  t  training  angles  in  the  input  space.  The  9i  are  the  Gaussian 
centers  in  the  input  space,  and  cr  is  the  RBF  spread  parameter. 
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RBF  CENTERS  (TRAINING  ANGLES,  DEGREES) 


Figure  4:  RBF  Neural  network  architecture 

A  general  rule  of  thunab  for  determining  a  is  that  it  should  not  be  much  smaller  than  the 
distance  between  training  angles,  nor  should  it  be  very  much  larger  than  this  distance.  In 
other  words,  the  Gaussians  should  overlap  sufficiently  for  generalization  between  training 
points,  but  not  be  so  broad  that  their  responses  are  the  same  and  the  capability  for  general¬ 
ization  is  lost.  The  jth  component  of  the  output  vector,  ?/j,  for  j  =  1,2,  ...,7,  is  computed 
as  a  weighted  sum  of  hidden  layer  node  outputs,  i.e. 
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y-j  (2) 

2  =  1 

To  solve  for  the  network  weights,  Wij.  we  define  an  interpolation  matrix,  #,  whose  ele¬ 
ments  are  given  by 


where  k  and  i  =  Next,  define  a  “desired”  output  matrix  Yd  whose  rows  are  the 

target  output  vectors.  We  can  write  the  relation  between  Yd,  and  the  matrix  of  network 
weights  W  as  a  linear  system. 


Yd  =  ^W 


(4) 


In  our  case,  $  is  square  and  positive  definite  (invertible),  therefore,  we  can  solve  for  the 
weights  from 


W  -  ^-^Yd 


(5) 


to  complete  the  training  process.  The  network  has  then  learned  the  function  and  we  can 
calculate  predicted  output  vectors  for  any  N  commanded  scan  angles  On,  for  n  =  1,2, ...,  N. 
We  now  define  a  performance  matrix  $  whose  elements  are  calculated  from 


^ni{0n)  =  e  2''" 


(6) 


where  i  =  l,2,...,t.  Note  that  must  be  within  the  antenna  field  of  view,  or,  in  neural 
network  parlance,  the  trained  region.  Output  matrix,  Y ,  is  calculated  from 


Y  =  ^W,  (7) 

where  the  nth  row  of  Y  is  the  network  output  vector  corresponding  to  commanded  scan 
angle  On- 


4  Results 

To  train  the  network,  we  obtain  training  vectors  by  measuring  the  phase  response  of  each 
element  as  described  earlier.  This  data  is  shown  in  Figure  o  without  the  Ttt  transitions 
introduced  by  the  receiver.  The  phase  data  has  been  unwrapped  using  our  Matlab  data 
analysis  software,  making  it  easier  to  see  phase  differences  between  elements.  For  example, 
to  find  the  seven  phase  differences  at  a  -60°  training  angle,  just  draw  a  vertical  line  up  from 
—60°  and  find  the  difference  in  phase  between  successive  elements.  Note  that  to  the  left  of 
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Figure  5:  Measured  element  phases  in  radians  (unwrapped).  Note  that  element  numbers  are 
sequential  1  to  8  from  top  to  bottom  on  the  left  and  sequential  8  to  1  from  top  to  bottom 
on  the  right. 

0°,  the  phase  difference  between  elements  7  and  8  is  smallest,  while  to  the  right,  the  phase 
difference  between  elements  1  and  2  is  smallest.  Phase  differences  are  negative  to  the  left  of 
0°  and  positive  to  the  right.  We  define  phase  difference  as  the  phase  of  element  m  +  1  minus 
the  phase  of  element  m.  Also,  note  that  the  seven  phase  differences  are  not  the  same  for  a 
given  far  field  angle  as  w^ould  be  the  case  for  a  plane  wave  hitting  an  ideal  array  of  identical 
elements. 

The  phase  differences  are  zero  at  0°  since  the  plane  wave  from  the  source  horn  hits  the 
array  broadside.  However,  this  condition  occurs  only  after  we  remove  the  measured  broadside 
phases  (which  we  call  “offset”  or  correction  phases)  due  to  the  insertion  phases  in  the  different 
coaxial  line  lengths  and  the  power  combiner  in  each  of  the  eight  element  channels.  For  this 
commercial  power  combiner,  typical  phase  imbalance  is  ±12°.  Phase  imbalance  due  to  line 
lengths  are  much  larger,  since  no  special  attention  was  paid  to  phase-matching. 

After  we  removed  the  offset  phases  with  the  phase  shifters,  we  measured  an  antenna 
pattern  and  obtained  the  broadside  beam  shown  in  Figure  6(a).  The  higher  sidelobes  for 
the  measured  pattern  are  due  to  the  amplitude  taper  induced  by  setting  the  phase  shifters. 
The  received  amplitude  as  a  function  of  phase  state  is  highly  nonlinear  and  can  vary  by  as 
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Figure  6:  Scanned  antenna  patterns:  (a)  Broadside  with  offset  phases  removed,  (b)  Training 
angle,  -36.37°.  (c)  Training  angle,  -50°.  (d)  Network-predicted  angle  between  training 
angles,  —29.1°.  Patterns  for  an  ideal,  uniformly-illuminated  array  with  linear  phase  progres¬ 
sion  for  beam-steering  are  shown  as  dashed  curves.  The  peak  of  the  ideal  main  beam  has 
been  normalized  to  be  the  same  as  the  peak  of  the  measured  main  beam. 

much  as  8  dB  over  the  256  states  of  a  single  element  and  by  more  than  this  from  element  to 
element.  We  have  no  control  over  this  and-  simply  set  phase  shifters  for  beam-steering  and 
let  amplitudes  fall  where  they  may.  The  genetic  algorithm  approach  [6]  attempts  to  optimize 
antenna  patterns  using  both  phase  settings  and  the  induced  amplitude  changes. 

We  steer  the  beam  by  applying  the  conjugate  phase  gradient  at  the  commanded  steering 
angle.  To  accomplish  this,  the  network  outputs  the  negative  of  the  seven  measured  phase 
differences  at  the  training  angles.  Between  training  angles,  the  network  produces  an  approx¬ 
imation  based  on  its  generalization  capability.  In  postprocessing,  the  phase  differences  are 
converted  to  element  phases  (modulo-27r)  by  making  element  one  the  Reference  (zero  phase). 
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These  “beam-steering”  element  phases  are  combined  with  the  offset  phases  on  an  element 
by  element  basis  to  obtain  total  phase  at  each  element.  Care  must  be  taken  in  combining 
the  two  phases.  In  particular,  the  two  phases  must  be  summed  at  each  element  for  positive 
steering  angles  and  subtracted  for  negative  ones. 

To  obtain  the  digital  state  to  send  to  the  phase  shifter  driver,  we  use  a  calibration  look 
up  table  of  digital  state  (0  to  255)  versus  phase  shift  (0°  to  360°)  for  each  element.  The 
digital  state  versus  phase  shift  is  a  highly  nonlinear  function  for  our  phase  shifters.  To 
illustrate  the  process,  suppose  element  three  requires  57°  of  phase  shift.  Postprocessing  finds 
the  calibration  table  for  element  three  and  looks  up  the  digital  state  giving  a  phase  shift 
closest  to  57°,  with  a  typical  accuracy  of  ±2°. 

In  the  remainder  of  Figure  6,  we  show  scanned  antenna  patterns  for  three  commanded 
steering  angles.  The  main  beam  is  always  to  the  left  of  0°,  while  the  right  beam  is  a  grating 
lobe  due  to  the  large  element  spacing.  The  scan  angles  in  Figure  6(b)  and  (c)  are  for  training 
angles  of  -36.37°  and  -50°.  Figure  6(d)  shows  a  pattern  for  a  scan  angle  of  -29.1°  which  is 
between  training  angles.  Measured  steering  angles  agree  with  the  commanded  angles  within 
one  degree.  Angles  used  for  training  were  approximately  every  5°  starting  at  —59.09°  and 
ending  at  -.01°.  We  trained  the  network  on  only  half  the  field  of  view  since  we  only  wanted 
to  demonstrate  the  concept.  The  angles  are  not  integers  because  a  stepper  motor  was  used 
to  rotate  the  array  and  each  step  turned  out  to  be  slightly  less  than  a  degree  to  obtain  equal 
steps  from  —90°  to  -|-90°. 

Finally,  we  investigate  network  performance  as  a  and  the  number  of  training  angles  are 
varied.  Once  the  network  architecture  has  been  selected,  these  are  the  only  parameters  left 
to  adjust.  In  Figure  7,  we  plot  the  RMS  beam-steering  error  normalized  by  the  broadside  3 
dB  beamwidth  {0zdB  ~  8.1°).  The  RMS  error  is  calculated  for  steering  angles  from  -60°  to 
0°  in  2°  increments.  The  error  is  the  difference  between  commanded  and  network-predicted 
steering  angles.  There  are  too  many  scan  angles  in  this  computation  to  set  phase  shifters 
and  measure  patterns.  Therefore,  we  use  element  phases  predicted  by  the  neural  network 
and  mathematically  transform  to  the  far  field  to  obtain  predicted  steering  angles.  Based 
on  comparisons  with  measured  patterns,  steering  angles  obtained  in  this  manner  should  be 
reasonably  accurate.  Note  that  there  is  an  optimum  a  for  each  set  of  training  data.  For  the 
5°  set,  aopt  is  about  1.6  times  the  separation  between  training  angles,  and  slightly  more  than 
twice  the  separation  for  the  10°  set. 

5  Conclusions 

We  developed  a  neural  network  which  computes  phase  shifter  settings  to  perform  the  beam¬ 
steering  function.  This  can  be  useful  where  the  settings  cannot  easily  be  determined,  for 
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Figure  7:  RMS  beam-pointing  error  normalized  by  ^3^5  as  a  function  of  <t  for  two  sets  of 
training  data.  For  the  5°  data  set,  there  are  14  training  angles  over  the  input  space  and  for 
the  10°  data  set,  there  are  7  training  angles  over  the  input  space. 

instance,  conformal  arrays  with  near  field  scattering,  or  for  arrays  with  degraded  or  failed 
elements.  The  concept  was  demonstrated  experimentally  by  showing  that  the  network  can 
generalize  and  accurately  scan  the  beam  between  training  angles.  An  optimum  network 
spread  parameter  for  a  given  set  of  training  data  was  determined.  With  a  normalized  RMS 
steering  error  of  about  .04  (see  Figure  7),  gain  loss  is  less  than  .02  dB. 
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AIRCRAFT  MOTION  EMULATION 
BY  AN  INVERSE  DISPLACED  PHASE  CENTER  ANTENNA 
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Abstract:  In  an  airborne  radar,  the  aircraft  motion  causes  stationary  ground  clutter 
to  be  spread  over  a  significant  part  of  the  Doppler  spectrum,  potentially  masking 
the  Doppler  return  from  a  target.  It  is  difficult  to  verify  the  performance  of 
clutter  suppression  algorithms  in  such  a  radar  without  expensive  flight  testing. 
A  cost  effective  technique  is  presented  for  producing  an  airborne  radar  clutter 
environment  from  a  stationary,  ground-based  site. 

Displaced  phase  center  antennas  have  been  used  on  aircraft  to  synthetically  arrest 
aircraft  motion.  The  present  application  uses  an  inverse  displaced  phase  center 
antenna  (IDPCA).  By  electronically  moving  the  phase  center  forward,  Doppler 
sidelobes  are  created  that  match  the  sidelobe  structure  observed  by  an  airborne 
radar. 

A  new  UHF  phased  array  antenna  is  described  whose  phase  center  can  be  elec¬ 
tronically  moved  by  a  switching  matrix.  Switching  is  controlled  by  a  stationary' 
surveillance  radar.  For  a  16-pulse  coherent  processing  interval,  the  array  length 
and  column  spacing  result  in  clutter  returns  that  span  the  Doppler  space.  Exam¬ 
ples  of  emulated  clutter  motion  observed  from  a  mountain  top  site  are  presented. 
The  technique’s  effectiveness  was  verified  by  comparing  emulated  clutter  data 
with  data  collected  by  an  aircraft  flying  over  the  same  terrain. 


L  Introduction 

Without  a  doubt,  successful  deployment  of  an  advanced  airborne  radar  will  require 
a  great  deal  of  system  testing.  Since  flight  testing  is  very  expensive,  as  much 
system  testing  as  possible  should  be  carried  out  on  the  ground.  In  this  paper  an 
implementation  of  a  ground  based  aircraft  motion  emulation  will  be  presented 
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which  is  based  on  an  inverse  displaced  phase  center  antenna. 


The  motion  emulation  goal  is  to  develop  a  practical,  affordable  and  timely  tech¬ 
nique  for  generating  signals  with  the  spatial  and  temporal  characteristics  of  an 
airborne  radar,  except  that  the  signals  are  to  be  generated  from  a  fixed,  land- 
based  site.  The  ultimate  objective  is  to  provide  the  means  for  developing  and 
evaluating  space-time  adaptive  signal  processing  techniques  [1,2]  that  would  be 
used  in  a  future  advanced  airborne  radar  system. 

2.  Airborne  Radar  Doppler  Spectrum 

In  order  to  size  the  motion  emulation  task  it  is  necessary  to  make  some  assump¬ 
tions  about  the  airborne  radar  antenna  size  and  the  aircraft  motion.  One  might 
expect  the  aircraft  motion  during  a  pulse  repetition  interval  (PRI)  to  be  about 
0.5  feet,  or  about  a  quarter  wavelength  at  UHF,  and  the  aircraft  motion  during  a 
coherent  processing  interval  (CPI)  is  of  the  order  of  the  antenna  length,  that  is 
about  20  feet.  Of  course,  this  length  will  have  a  direct  impact  on  the  cost  of  the 
motion  emulation. 

It  is  well  known  that  in  an  airborne  radar,  the  clutter  Doppler  return  received 
through  the  sidelobes  may  compete  with  the  target  Doppler  return  received  through 
the  main  lobe  [2].  A  two-dimensional,  spatial  and  temporal  (Doppler)  power 
spectrum  provides  a  convenient  way  of  illustrating  this  effect.  Assume  that  the 
transmit  and  receive  antenna  consist  of  an  Af-element  phased  array  aligned  with 
the  aircraft  motion.  The  corresponding  antenna  patterns,  T{0)  and  P{6),  are 
given  by 

^(^)  -  (1) 
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(2) 


O'jT'rn. 

=  £  exp(  j^^Dsin^), 

m=l 

where  D  is  the  element  spacing,  A  the  radar  wavelength,  and  9  the  angle  normal 
to  the  flight  direction.  Furthermore,  assume  that  the  aircraft  moves  a  distance  d 
during  a  PRI.  As  a  result  of  this  aircraft  motion,  the  n-th  two-way  return  from 
uniform  and  omnidirectional  clutter  is  proportional  to 


s{9,  n)  oc 


Trn 

T{6)  exp{j—d  sin  6 

A 


TTTl- 

P{9)  exp{j—d  sin  9 

A 


(3) 


A  discrete  Fourier  transform  (DFT)  of  iV  returns  yields  the  Doppler  spectrum 

N 

S{9.,  k)  =  J2T  (9)  P  {9)  exp 

n=\ 

Clutter  distributed  uniformly  over  all  angles  appears  as  a  ridge  in  an  azirauth- 
Doppler  plot  [2].  Figure  1  illustrates  the  situation  for  a  stationary  radar.  Shown 
in  the  azimuth  dimension  is  the  main  beam  and  sidelobe  structure.  Space  and 
time  are  uncorrelated  for  a  stationary^  radar.  Hence,  except  for  any  residue  of  the 
weighting  function,  there  are  no  sidelobe  features  in  the  Doppler  dimension. 


j27rn. 


^sin^-^ 
A  N 


(4) 


For  a  moving  radar  the  situation  is  quite  different.  Figure  2  illustrates  that  as 
a  result  of  the  aircraft  motion,  the  same  angle  sidelobes  will  now  also  show  up 
in  Doppler  space.  Neglecting  elevation  effects,  the  sidelobe  clutter  ridge  has  a 
normalized  Doppler  frequency 

In  Figure  2,  the  aircraft  motion  and  pulse  repetition  frequency  (PRF)  were  chosen 
so  that  the  maximum  clutter  Doppler  is  unambiguous.  In  other  words,  the  maxi¬ 
mum  phase  shift  from  pulse  to  pulse  due  to  aircraft  motion  is  ±A/2  wavelength. 
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For  most  radar  systems,  the  Doppler  sidelobes  are  much  lower  than  the  angle 
sidelobes.  For  example,  for  an  array  with  uniform  illumination  on  transmit  and 
a  40  dB  Chebyshev  taper  on  receive,  the  angle  sidelobes  would  be  about  60  dB 
down.  Doppler  sidelobes  are  usually  set  by  transmitter  stability.  It  would  not  be 
very  difficult  to  achieve  -80  dB  Doppler  sidelobes.  When  the  array  is  stationary, 
the  Doppler  sidelobe  floor  is  set  by  this  weighting  function.  When  the  array  is 
moving,  the  angle  sidelobes  will  show  up  in  Doppler  space  as  indicated  in  Figure 
3(a).  Since  the  angle  sidelobes  are  20  dB  higher,  the  angle  sidelobes  will  degrade 
the  performance  of  standard  moving  target  indicator  (MTI)  techniques  [3]. 

The  aircraft  motion  has  several  effects  on  the  clutter  Doppler  spectrum.  Depending 
on  the  antenna  pointing  angle,  the  Doppler  peak  might  be  shifted.  This  effect 
can  be  compensated  by  shifting  the  local  oscillator  frequency  of  the  transmitter  or 
receiver  by  an  equal  amount  in  the  opposite  direction.  There  will  be  a  widening  of 
the  mainlobe.  This  effect  can  be  emulated  by  using  a  heavier  weighting  function. 
The  spreading  of  the  angle  sidelobes  into  Doppler  space  is  not  easily  compensated. 
For  the  development  of  space-time  processing  techniques,  our  concern  is  primarily 
with  the  emulation  of  sidelobe  clutter  effects. 

3.  Doppler  Sidelobe  Spectrum  Emulation 

There  are  a  variety  of  techniques  by  which  the  clutter  spectrum  seen  by  an  air¬ 
borne  radar  could  be  emulated.  For  example,  we  could  inject  artificial  clutter 
into  the  radar  receiver  system.  However,  since  clutter  is  very  much  environment 
dependent,  it  is  unlike  that  synthetic  clutter  can  be  generated  to  everyone’s  sat¬ 
isfaction.  Various  airborne  and  ground  based  clutter  repeaters  were  considered. 
These  were  rejected  for  reasons  of  either  cost  or  lack  of  realism.  Mechanical 
means  of  emulating  the  aircraft  motion  were  rejected  for  the  same  reason.  Only 
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some  form  of  electronic  emulation  of  antenna  motion  appear  to  be  practical. 


A  displaced  phase  center  antenna  (DPCA)  is  common  to  all  electronic  emulation 
techniques  considered.  Displaced  phase  center  antennas  are  commonly  used  in 
airborne  radar  for  clutter  cancellation  [3].  In  such  a  radar,  the  phase  center  is 
moved  electronically  backwards  in  order  to  arrest  the  aircraft  motion.  Reception 
of  two  radar  returns  from  the  same  location  allows  cancellation  of  stationary 
clutter  and  moving  target  detection.  In  an  inverse  displaced  phase  center  antenna 
(IDPCA)  the  phase  center  of  the  antenna  is  electronically  moved  forward  in  order 
to  create  the  aircraft  motion. 

There  are  several  options  for  implementing  an  IDPCA  antenna.  The  most  straight 
forward  option  is  to  electronically  move  both  the  transmit  and  receive  apertures. 
Obviously,  the  antenna  has  to  be  made  much  longer.  Its  length  should  be  at 
least  the  length  of  the  actual  aperture  plus  the  aircraft  motion  during  a  CPI.  For 
the  above  stated  motion  assumptions,  this  could  well  double  the  array  antenna 
cost.  Furthermore,  this  option  requires  very  precise  matching  of  antenna  patterns. 
Matching  antenna  patterns  for  DPCA  purposes  has  been  examined  in  the  past  [4]. 
Experience  has  shown  that  pattern  matching  is  practical  down  to  the  -40  dB  level. 
However,  Figure  3(a)  indicates  that  sidelobes  at  the  -60  to  -80  dB  level  need  to 
be  controlled  for  an  accurate  emulation  of  an  airborne  radar  scenario. 

Since  it  is  not  practical  to  simulate  the  entire  clutter  Doppler  spectrum  from  the 
peak  of  the  mainbeam  down  to  the  Doppler  sidelobe  level,  the  proposed  emulation 
technique  concentrates  on  emulation  only  the  Doppler  characteristics  of  sidelobe 
clutter.  This  is  achieved  by  adding  to  the  Doppler  spectrum  of  the  stationary  an¬ 
tenna  under  test  in  Figure  3(a),  the  Doppler  spectrum  of  an  electronically  movable 
auxiliary'  transmit  aperture  in  3(b).  When  combined  as  shown  in  3(c),  there  is  very 
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close  agreement  between  the  emulated  and  actual  Doppler  sidelobe  characteristics. 


An  implementation  of  the  IDPCA  concept  is  depicted  in  Figure  4.  Except  for 
the  addition  of  an  auxiliary  transmit  antenna,  no  changes  need  to  be  made  to  the 
stationary  radar  under  test.  The  auxiliary  aperture  consists  of  a  linear  array  of 
column  radiators  connected  to  a  switching  matrix.  In  synchronism  with  the  radar 
under  test,  columns  of  this  array  will  sequentially  radiate  at  an  appropriate  power 
level.  The  number  of  columns  in  the  auxiliary  array  has  to  be  equal  to  the  number 
of  pulses  in  a  CPI,  and  the  column  spacing  must  be  chosen  to  create  the  desired 
aircraft  motion. 

The  motion  emulation  turns  out  to  be  velocity  independent  because  the  auxiliary 
array  switches  through  successive  columns  at  the  radar’s  pulse  repetition  fre¬ 
quency.  The  spacing  d*  between  adjacent  columns  will  determine  how  much  of 
the  available  Doppler  space  will  be  covered  by  clutter.  Assume  that  all  auxiliary 
array  columns  have  identical  transmit  patterns,  T'a  {0)  with  the  phase  center  at  the 
origin.  For  a  column  located  a  distance  nd*  from  the  origin,  the  transmit  pattern 
is  given  by 

T\  (9)  =  T  [0)  exp^j^nd*  sin0).  (6) 

When  used  in  conjunction  with  the  stationary  test  array,  as  shown  in  Figure  4,  the 
emulated  clutter  spectrum  is 

N-l 

s*{e,k)  =  T{e)P{e)exp 

n=0 

Y  Ta  {9)  P  (9)  exp 

n=0 

Now  the  motion  emulation  parameters  can  be  chosen.  The  first  term  in  Eq. 
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(7)  is  due  to  the  stationaty  radar.  With  sufficiently  heavy  weighting,  it  should 
not  significantly  contribute  to  the  Doppler  sidelobes.  In  the  sidelobe  region,  the 
second  term  in  Eq.  (7)  can  be  made  approximately  equal  to  Eq.  (4)  by  letting 

T^(9)=T{d).  (8) 

This  means  that  the  power-aperture  product  of  a  column  of  the  auxiliary  array 

has  to  approximately  match  the  power- aperture  product  in  sidelobes  of  the  radar 
antenna.  Furthermore,  to  match  the  Doppler  spread,  the  auxiliary  array  column 
spacing  has  to  be 

d*  =  2d.  (9) 

That  is,  the  auxiliary  array  column  spacing  should  be  twice  the  desired  platform 

motion  during  a  PRI.  Hence  the  length  of  the  auxiliary  array  has  to  be  at  least 
twice  the  aircraft  motion  during  a  CPI.  It  is  interesting  to  note  that  the  emulation 
will  fill  the  unambiguous  Doppler  space  exactly  once  when 

d*  =  (10) 

4.  Inverse  Displaced  Phase  Center  Antenna  Implementation 

The  motion  emulation  concept  was  first  demonstrated  with  an  ultralow  sidelobe 
radar  antenna  [5]  and  a  simple  IDPCA  antenna  [6].  For  a  radar  system  with 
higher  azimuth  transmit  sidelobes,  a  more  powerful  and  capable  IDPCA  antenna 
was  required.  The  characteristics  of  the  new  IDPCA  antenna  are  given  in  Figure  6 
and  7.  The  antenna  is  about  5  feet  by  21  feet  in  size,  and  contains  72  horizontally 
polarized  patch  radiating  elements  spaced  0.47 A  apart.  It  operates  at  UHF  with 
a  10  MHz  instantaneous  bandwidth.  Perhaps  a  somewhat  unique  feature  of  the 
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array  are  the  rolled  edges  which  were  intended  to  reduce  edge  diffraction  effects. 


Some  typical  column  antenna  patterns  are  shown  in  Figure  8.  There  is  still  about 
0.3  dB  rms  of  edge  diffraction  ripple.  Since  such  ripple  creates  spurious  Doppler 
sidelobes,  we  prefer  to  use  three-column  subarrays.  The  three-column  subarray 
patterns  in  Figure  9  are  more  directive  and  considerably  smoother. 

Several  IDPCA  operating  modes  are  illustrated  in  Figure  10.  The  active  part  of  the 
antenna  consists  of  either  one  4-element  column,  or  a  subarray  of  three  columns. 
Either  an  8-pulse  or  a  16-pulse  CPI  motion  emulation  can  be  implemented.  That 
is,  the  active  area  can  be  electronically  shifted  to  the  right  or  to  the  left  in  either 
one-column  or  two-column  increments. 

The  peak  power  of  the  IDPCA  antenna  in  the  three-column  mode  is  2400  watts. 
This  resulted  in  a  power-aperture  product  that  is  consistent  with  a  sidelobe  motion 
emulation.  That  is,  the  IDPCA  power- aperture  product  is  about  20  dB  down  from 
the  that  of  the  radar  itself.  In  the  one-column  mode  the  peak  power  is  only  800 
watts. 

A  block  diagram  of  the  IDPCA  system  is  shown  in  Figure  11.  Electrically,  the 
array  is  organized  as  four  identical  rows  of  18  elements.  Each  row  contains 
three  200  watt  power  amplifiers  and  nine  high  power  switches.  This  arrangement 
is  very  efficient,  but  requires  commutation  of  the  power  amplifiers  in  the  three 
columns  as  indicated  in  Figure  10.  The  twelve  power  amplifier  were  matched  to 
0. 1  dB  in  amplitude  and  2.7  deg.  rms  in  phase.  Small  but  periodic  amplitude  and 
phase  differences  will  produce  a  Doppler  modulation.  The  modulation  effects  can 
be  reduced,  in  part,  by  phase  shifters,  and  by  post  mission  calibrations. 

Proper  emulation  of  airborne  radar  sidelobe  clutter  effects  requires  an  additional. 
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antenna  scan  angle  dependent  Doppler  correction.  In  Figure  2,  the  radar  was 
pointing  broadside  to  the  direction  of  aircraft  motion.  In  that  case,  the  mainbeam 
Doppler  is  zero,  regardless  of  whether  the  radar  is  moving  or  not.  Normally, 
the  radar  will  be  pointing  in  some  other  direction.  Consequently,  the  main  beam 
clutter  Doppler  will  not  be  zero.  Many  radar  systems  employ  some  technique  for 
shifting  the  main  beam  Doppler  back  to  zero  [3].  One  such  technique  is  known 
as  TACCAR  (Time-average  clutter  coherent  airborne  radar). 

We  will  assume  that  the  main  beam  clutter  Doppler  has  been  shifted  back  to  zero 
by  TACCAR  as  illustrated  in  Figure  5(a).  This  is  convenient  because  the  main 
beam  clutter  return  for  the  stationary  radar  is  already  at  zero.  However,  Figure 
5(b)  indicates  that  the  auxiliary  array  generates  moving  sidelobe  clutter  that  still 
has  to  be  shifted  back  to  zero  Doppler.  This  requires  shifting  the  phase  of  the 
signal  transmitted  by  the  auxiliary  array  on  a  pulse- by-pulse  basis  by  an  amount 
that  compensates  for  the  radar  main  beam  pointing.  It  is  accomplished  by  the 
three  phase  shifters  shown  in  Figure  11.  As  a  result  of  real-time  phase  control, 
the  emulated  and  actual  Doppler  spectrum  in  5(c)  will  be  nearly  identical,  even 
if  the  radar  is  pointing  in  a  direction  other  then  broadside. 

5.  Experimental  Results 

The  new  IDPCA  antenna  was  installed  on  North  Oscura  Peak  at  the  White  Sands 
Missile  range  in  New  Mexico.  Figure  12  shows  an  experimental  surveillance 
radar  [5]  and  the  IDPCA  antenna  overlooking  the  desert  floor  some  3000  feet 
below.  In  the  distance,  50  to  100  nmi  away,  were  several  mountain  ranges  with 
radar  cross-sections  exceeding  60  dBsm. 

The  data  collected  by  the  radar  with  the  IDPCA  antenna  can  be  represented  as  a 


514 


data  cube  of  V  samples  from  N  receiver  channels,  M  PRI’s  and  R  range  cells. 
The  radar  antenna  itself  consists  of  an  array  of  14  column  antennas  uniformly 
spaced  a  distance  0.48A  apart.  Each  column  is  connected  to  a  receiver  channel. 
A  typical  data  cube  contained  16  CPFs  and  up  to  1000  range  samples.  Assuming 
uniform  weighting,  the  radar  return  from  a  specific  direction  is  given  by 

n=0  V  A  / 

By  substituting 


k  = 


A^D  sin  6 
A 


(12) 


Eq.  (11)  takes  on  the  form  of  a  direct  Fourier  transform 


P{k)  -  DFT(y). 


(13) 


Doppler  processing  of  M  PRFs  by  another  DFT,  and  averaging  over  all  range 
samples  yields  a  two-dimensional  azimuth-Doppler  power  density  function  (PDF) 

PDF  =  ^X^|dFT2(R)|.  (14) 

Such  average  PDF’s  are  used  to  demonstrate  the  motion  emulation  capability  of 
the  auxiliary  array. 


Although  the  motion  emulation  technique  assumes  that  the  radar  and  the  IDPCA 
antenna  are  both  transmitting,  the  effects  of  motion  emulation  are  most  clearly 
evident  when  only  the  IDPCA  antenna  is  transmitting.  Figure  13  shows  an  average 
PDF  for  a  16-pulse  CPI,  with  the  IDPCA  in  the  3 -column  mode,  and  with  the 
motion  emulation  inhibited.  Figure  14  shows  that  when  emulation  is  enabled  in 
the  one  column  /  PRI  motion,  a  diagonal  clutter  ridge  is  created  that  nearly  spans 
the  azimuth-Doppler  space.  In  Figure  15,  an  example  is  given  of  the  one-column 
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mode  with  two-column  /  PRI  motion.  The  resulting  Doppler  clutter  ridge  is  folded 
over. 

At  certain  ranges  the  radar  clutter  return  has  characteristics  of  a  point  scatterer. 
Such  a  scatterer,  as  shown  in  Figure  16,  can  be  used  to  establish  a  performance 
bound  on  the  motion  emulation.  For  the  particular  scatterer,  Figure  17  indicates 
that  the  average  azimuth  sidelobes  are  28  dB  down,  and  the  average  Doppler  side- 
lobes  are  at  least  32  dB  down.  The  actual  sidelobes  due  to  IDPCA  implementation 
errors  may  be  lower. 

For  comparison  of  an  emulated  with  an  actual  airborne  radar  clutter  Doppler 
spectrum,  a  test  was  carried  out  with  only  the  radar  receiver  and  a  small,  100 
watt  transmitter  on  an  airplane.  The  aircraft  flight  path  was  parallel  to  IDPCA 
antenna  axis.  Synchronization  with  the  radar  receiver  on  the  ground  was  achieved 
by  transmitting  a  coded  waveform  and  detecting  the  direct  path  signal.  When 
comparable  radar  parameters  are  chosen,  the  azimuth-Doppler  plot  in  Figure  18  is 
remarkably  similar  to  that  in  Figure  14  generated  by  the  IDPCA  motion  emulation. 

An  example  of  the  radar  and  IDPCA  antenna  working  together  is  given  in  Figure 
19.  The  Doppler  sidelobes  of  the  stationary  array  are  about  75  dB  down.  The 
Doppler  spectrum  created  by  the  IDPCA  antenna  operating  in  the  one-column 
mode  raised  the  Doppler  sidelobes  to  -55  dB. 

6.  Conclusions 

Ground  testing  of  a  space-time  processor  for  an  airborne  radar  application  requires 
a  mountain  top  test  site  and  a  motion  emulation  technique.  A  suitable  motion 
emulation  technique  is  describes  in  this  paper. 
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The  motion  emulation  technique  is  based  on  an  inverse  displaced  phase  center 
antenna.  It  allows  emulation  of  the  Doppler  sidelobe  effects  characteristic  of  an 
airborne  radar.  It  does  not  require  any  changes  to  be  made  to  the  radar  system 
and  it  causes  an  insignificant  increase  in  the  radar  cost.  The  experimental  results 
confirm  that  is  a  practical  technique  for  emulating  aircraft  motion. 
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Fig.l.  Stationary  Radar  Azimuth-Doppler  Clutter  Map 
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Fig.  2.  Moving  Radar  Azimuth-Doppler  Clutter  Map 
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Fig.  3.  Motion  Emulation  Concept 


Fig.  4.  Motion  Emulation  Implementation 
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Fig.  5.  Motion  Emulation  with  Scan  Compensation 
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REAL-TIME  PHASE  CONTROL 


Fig.  6.  IDPC A  Antenna  Parameters 
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Fig.  10.  IDPC A  Operating  Modes 
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Fig.  12.  Radar  and  IDPCA  Antenna  at  White  Sands,  NM 
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Fig.  17.  Angle  and  Doppler  Characteristics  of  a  Point  Scatterer 
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Fig.  18.  Clutter  Doppler  Created  by  an  Airborne  Transmitter 
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Fig.  19.  Measured  Emulated  Clutter  Doppler  Spectrum 
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1.0  Introduction 

Cost  reduction  is  recognized  as  one  of  the  most  important  considerations  in  MMW  radar 
development.  Hardware  (especially  phase-shifters)  for  electronic  beam  scanning  in  the 
millimeter- wave  (MMW)  band  presents  very  complex  fabrication  challenges  that 
dramatically  arise  the  device  cost.  A  typical  mechanically  scanning  antenna  contains  one 
or  more  hinged  parts  (lenses,  mirrors  or  feeds).  In  operation  they  experience  strong 
mechanical  accelerations  and  forces  that  sharply  limit  scanning  speed.  The  authors  have 
found  a  solution  to  this  problem,  using  a  new  antenna  architecture  based  on  periodically 
loaded  leaky-wave  radiating  elements.  The  paper  presents  a  basic  design  and  discusses 
some  issues. 


2.0  Basic  Design 

The  antenna  consists  of  the  following  components  (see  Figure  1):  two  dielectric 
waveguides,  two  parabolic  mirrors,  and  a  periodically  varying  metal  grating  that 
perturbs  the  propagation  of  the  evanescent  wave  along  the  waveguide  and  thereby 
controls  the  diffraction  of  the  MMW  out  of  the  waveguide.  The  cylindrical  grating  is 
mounted  on  the  outer  surface  of  a  rotating  drum. 


Rotating  Transmitting  Dielectric  Variable  Grating 

Drum  Waveguide 


Figure  1 

The  variable  grating  consists  of  two  identical  semi-cylinders; 
the  grating  periods  in  the  immediate  proximity  of  the  two  waveguides  are  exactly  the  same. 
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Beam  tracing  is  shown  in  Figure  2  for  the  y-z  plane  and  in  Figure  3  for  the  x-y  plane. 


Figure  2 

Beam  tracing  in  the  y-z  plane.  The  angle  (p  of  emission  and  of  reception  is  determined  by  the 
instantaneous  value  of  the  grating  period  A,  which  varies  along  the  circumference  of  the  drum 


Received  Transmitted 

MMW  MMW 


Waveguides 
Figure  3 

Parabolic  mirrors  direct  and  shape  the  beams  in  the  x-y  plane. 

The  period  A  of  the  grating  close  to  the  waveguide  at  any  given  time  is  a  function  of  the 
angular  position  of  the  dram  at  that  instant.  The  coupling  angle  cp  is  determined  by  A 
(see  Figure  2).  Dram  rotation  steers  the  beam.  The  cylindrical  grating  consists  of  two 
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identical  semi-cylinders  with  identical  grating  patterns.  The  identical  pattern  on  the  two 
semi-cylinders  where  they  are  in  close  proximity  to  the  waveguides  ensures  that  the 
grating  period  A  facing  the  waveguides  wiU  be  the  same  in  both  waveguides,  as  wiU  the 
coupling  angles  tp  (in  accordance  with  the  reciprocity  principle).  Parabolic  mirrors 
redirect  the  beams  in  x-direction  (see  Figure  3)  and  confine  them  in  y-direction. 

2.0  Principles  of  Operation 

The  unique  feature  of  a  dielectric  waveguide  is  that  it  supports  the  propagation  of 
electromagnetic  waves  not  only  inside  the  waveguide  body  but  outside  it  as  well  (see 
Figure  4).  The  evanescent  waves  are  perturbed  by  the  presence  of  a  metal  grating.  This 
perturbation  excites  a  new  radiant  wave,  which  is  radiated  in  free  space. 


Figure  4 

The  proximity  of  the  metal  grating  perturbs  the  evanescent  electromagnetic  waves. 


The  evanescent  field  decays  exponentially  with  distance  from  the  waveguide.  Thus, 
when  there  is  a  metal  grating  on  the  outer  surface  of  the  cylinder  (as  shown  in  Figure  1), 
only  the  portion  of  the  grating  close  to  the  waveguide  will  interact  sufficiently  with  the 
electromagnetic  waves  to  produce  radiation. 

The  angle  of  the  radiation  cp  is  determined  by  the  equation 

sin  (p  =  p/ko  -  p?i/A,  (1) 

where  p  is  the  propagation  constant,  Ti  and  ko=27u/X.  are  the  wavelength  and  the  wave 
vector  in  free  space,  p  is  an  integer,  and  A  is  the  grating  period.  P  depends  on  the 
waveguide  material,  its  profile,  size,  and  mode  order.  Eq.  (1)  indicates  that  (p  depends 
on  A.  This  dependence  forms  the  basis  for  the  scanning  capability.  In  the  proposed 
architecture,  A  varies  continuously  as  the  cylinder  rotates. 

3.0  Grating 

The  perturbing  grating  covers  the  outer  surface  of  the  rotating  drum.  This  grating  can  be 
fabricated  either  of  two  ways.  It  can  be  formed  as  an  entirely  metal  grating  with  a  thick 
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profile,  or  as  a  thin  metal  grating  on  a  dielectric  substrate  as  shown  in  Figure  5.  In  the 
latter  case  it  can  be  fabricated  using  printed  circuit  board  technology. 


"Useful"  Radiation 


Figure  5 

A  metal  grating  on  a  dielectric  surface  causes  MMW  radiation  to  couple  out  of  the  waveguide  in 
a  controllable  direction.  However,  a  comparable  portion  of  the  MMW  energy  radiates  in  a 

parasitic  direction. 


A  metal  grating  on  a  dielectric  substrate  would  produce  two  beams  propagating  in 
opposite  directions  (see  Figure  5).  A  substantial  percentage  of  the  radiation  is  then  lost. 


"Useful"  Radiation 


MMW 


Reflecting 
Metal  Layer 


Figure  6 

"Useless"  radiation  is  redirected  into  the  "useful"  direction. 

To  redirect  the  "useless"  radiation  into  the  "useful"  direction,  we  added  a  metal  reflector 
as  shown  in  Figure  6. 

To  make  the  interference  between  the  "useful"  MMW  beam  and  the  redirected  beam 
constructive,  the  thickness  of  the  dielectric  layer  is  be  chosen  based  on  the  condition 
described  by  Eq.  (2): 


a  =  X.cos(p/(4  £(1^^^),  (2) 
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where  (p  is  the  central  scanning  angle,  X  is  the  MMW  wavelength  in  vacuum  for  the 
central  frequency,  and  8d  is  the  dielectric  constant  of  the  grating  substrate  material. 

4.0  Experiment 

For  preliminary  testing  we  fabricated  a  small  antenna  prototype.  It  consists  of  a  quartz 
cylindrical  rod  and  interchangeable  metal  gratings  with  different  periods  A  and  a  choice 
of  fill  factors  FF,  FF=(metal  strip  width)/(grating  period).  As  a  MMW  source  we  used 
a  90  GHz  Gunn  oscillator  with  the  standard  WRIO  metal  waveguide  output  coupled  to 
the  quartz  rod  through  a  specially  designed  transition.  The  grating  length  was  1  inch 
and  3  inches.  The  detector  was  set  at  the  distance  of  6  feet  ensuring  far  field 
measurements. 

We  tested  gratings  of  both  types  of  shown  in  Figures  5  and  6.  The  grating  with  the 
back-reflector,  as  we  expected,  radiates  more  efficiently  in  intended  direction  than  the 
grating  without  a  reflector  (see  Figure  7).  We  also  found  that  for  the  two  types  of 
grating  with  the  same  period  A  the  diffraction  angles  are  different. 


Angle,  deg. 


Figure  7 

Beam  pattern  for  grating  with  back-reflector  (curve  a)  and  without  (curve  b). 
For  both  gratings  A=2.3  mm. 
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One  important  design  parameter  is  the  gap  6  between  the  dielectric  rod  and  the  grating. 
Radiated  power  depends  on  5  as  shown  in  Figure  8  for  the  three  gratings  with  fill 
factors  of  o.3  ,0.5,  and  0.7.  The  maximum  radiation  occurred  for  FF=0.3.  Curves 
have  a  bell  shape  with  a  few  resonances.  Their  position  and  depth  vary  depending  on 
the  type  of  the  grating,  and  on  the  fill  factor. 


Gap,  mm 


Figure  8 

Dependence  of  radiated  power  on  the  gap  size  for  three  gratings  with  FF=0.3  (curve  a), 

0.5  (curve  b),  and  0.7  (curve  c). 


We  also  found  that  the  diffraction  angle  (j)  depends  on  the  gap  size  5  and  the  fiU  factor 
FF.  The  dependencies  are  shown  in  Figure  9.  The  diffraction  angle  (j)  grows  with  5 
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when  the  grating  is  close  to  the  waveguide,  and  depends  weakly  on  the  gap  size  at  large 
distances. 

According  to  the  Eq.(l)  at  fixed  parameters  X,  A,  and  ko,  the  beam  angle  moves  in  the 
negative  direction  in  response  to  a  decrease  in  the  propagation  constant  (3.  This  decrease 
is  in  contrast  to  the  expected  Bloch  slowing  of  the  wave  phase  velocity  (an  increase  in  p) 
typical  for  wave  propagation  in  a  periodic  media.  Waves  accelerate  in  metal 
waveguides.  It  is  possible  that  the  observed  decrease  in  P  results  from  the  grating 
having  the  effect  not  of  an  periodic  stmcture  but  of  a  metal  wall.  This  hypothesis  is 
qualitatively  in  agreement  with  the  results  shown  in  Figures  7  and  9. 


Figure  9 

Dependence  of  radiation  angle  on  gap  dimension  for  three  gratings  with  FF=0.3  (curve  a), 

0.5  (curve  b),  and  0.7  (curve  c). 
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5.0  Supports 


For  W-band  single-mode  operation,  the  rod  diameter  must  be  on  the  order  of  1  mm.  A 
narrow  radiation  angle  such  as  0.5  degree  requires  a  rod  length  of  as  much  as  50  cm. 
Without  a  mechanical  support,  such  a  long  thin  rod  will  bend  and  mechanically  oscillate 
in  a  manner  that  wiU  badly  affect  the  antenna  performance.  It  would  be  easy  to  use  as  a 
waveguide  a  composite  metal/dielectric  stracture,  such  as  an  "image  line"  waveguide. 
The  metal  portion  of  the  stmcture  could  be  mounted  directly  to  the  antenna  frame. 
Unfortunately,  the  metal  in  this  long  stmcture  would  insert  excessive  losses  at  W-band 
frequencies.  An  entirely  dielectric  waveguide  inserts  much  lower  losses  but  stiffening  it 
is  a  more  difficult  problem.  Metal  supports  for  the  dielectric  rod  would  cause  back- 
reflection.  Dielectric  supports  would  couple  MMW  out  of  the  dielectric  rod.  At  the 
same  time,  the  support  must  insert  minimal  phase  distortion  so  as  to  ensure  that  aU 
antenna  segments  radiate  in  phase.  Our  solution  is  shown  in  Figure  11. 


Figure  1 1 

Dielectric  rod  waveguide  with  two  supports. 


The  entirely  quartz  rod  (dielectric  waveguide)  is  supported  on  mounts.  To 
electromagnetically  isolate  the  rod  from  the  mounts  we  used  two  tapered  rings,  the  inner 
one  made  from  the  dielectric  and  the  outer  one  of  metal.  The  metal  ring  shields 
propagating  millimeter  waves  from  coupling  to  the  mount.  The  short  length  h  of  the 
metal  ring  ensures  that  it  introduces  negligible  absorption  losses.  The  conical  shape  of 
the  tapered  ends  of  both  metal  and  dielectric  rings  prevents  undesired  radiation  and 
weakens  the  back  reflection  of  MMW  propagating  along  the  rod.  The  hardest  problem 
was  to  preserve  the  phase,  i.e.,  to  design  a  support  that  inserts  the  same  phase  shift  A0 
as  would  be  inserted  by  an  unsupported  quartz  rod  of  the  same  length  h.  Our  design 
seems  to  solve  the  problem.  This  is  a  simplified  explanation.  The  dielectric  ring 
surrounding  the  quartz  rod  decreases  the  effective  propagation  constant  |3  of  the  MMW 
in  the  rod.  In  contrast,  the  presence  of  the  metal  outer  ring  increases  the  |3.  Both 
changes  AP  depends  on  the  diameter  D.  If  D  is  selected  properly,  the  positive  Ap 
caused  by  the  dielectric  ring  exactly  compensates  for  the  negative  AP  caused  by  the  ring, 
and  as  a  result  the  phase  shift  inserted  by  the  support  is  the  same  as  for  an  unsupported 
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piece  of  the  rod  of  the  same  length  h.  The  experimental  study  of  A6  as  a  function  of  the 
diameter  D  has  confirmed  this  simple  model.  Phase  distortion  of  less  than  5  degrees  per 
support  was  obtained  experimentally. 

6.0  Conclusions 

The  cost-effective,  high-speed,  compact,  scanning  antenna  described  here  is  very 
attractive  for  use  in  MMW  radars  and  communication  systems.  Using  the  results 
presented  above  we  have  designed  and  fabricated  a  large  antenna  with  an  expected 
beamwidth  of  0.5  degree,  a  scanning  angle  of  30  degrees,  and  a  scanning  speed  1500 
degrees/second.  This  antenna  shown  in  Figure  12,  is  currently  under  test. 


Figure  12 

Mechanically  scanning  MMW  antenna. 
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Octave  Bandwidth  Microwave  Scanning  Array 


Paul  G.  Elliot 
E-Systems,  APTI  Division 
1250  24th  Street  NW,  Suite  850 
Washington,  DC  20037 


Abstract:  A  phased  array  design  with  test  results  are  described  which  demonstrate 
more  than  one  octave  of  bandwidth  with  scan.  The  array  could  be  designed  for  any 
polarization  and  is  scalable  to  any  center  frequency.  A  7  element  circularly  polarized 
prototype  array  was  fabricated  for  the  frequency  band  from  750  to  1750  MHz.  The 
tests  on  this  prototype  include  array  and  element  patterns  and  active  impedance 
measurements.  Computer  models  predict  an  active  VSWR  of  less  than  2:1  for  one 
octave  bandwidth  with  +/-  30  degree  scan  off  broadside  in  any  direction,  and  the  test 
results  obtained  so  far  support  this  capability.  The  array  is  compact  compared  to 
other  wideband  scanning  arrays:  the  printed  circuit  radiating  elements  lie 
approximately  1/4  wavelength  in  front  of  the  ground  plane,  this  could  be  reduced  if 
dielectric  were  used.  The  elements  are  all  etched  on  substrates  that  lie  in  the  plane 
of  the  array,  permitting  several  rows  and  columns  of  elements  to  be  etched  on  the 
same  board.  The  feed  components  behind  the  ground  plane  are  of  standard  off-the- 
shelf  stripline  design.  The  array  is  suitable  for  electronic  beam  steering  using  phase 
shifters  or  for  a  multibeam  antenna. 


1.  Introduction:  This  phased  array  uses  radiating  elements  similar  to  turnstile 
antennas  with  some  patented  features  to  increase  array  bandwidth,  and  arranged  in 
an  equilateral  triangular  lattice.  Figure  1  shows  the  front  of  a  7  element  prototype 
array  with  printed  circuit  elements  which  was  tested.  The  polarization  of  the  array 
is  determined  by  phasing  in  the  array  feed,  so  the  array  can  be  designed  for  any 
polarization.  Circular  polarization  was  chosen  for  the  prototype  through  the  use  of 
90  degree  hybrids.  The  array  frequency  is  scalable,  in  principle,  to  any  center 
frequency  by  scaling  the  dimensions  of  the  radiating  portion  of  the  array.  The 
prototype  array  performs  well  from  750  MHz  to  1750  MHz.  Outside  this  frequency 
range  the  feed  loss,  polarization  and  pattern  shape  deteriorate.  The  interelement 
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spacing  is  one  wavelength  at  2170  MHz  and  0.667  wavelengths  at  1450  MHz  which 
is  close  enough  to  permit  +/-  30  degree  scan  off  broadside  in  any  direction  with  no 
grating  lobes  up  to  1450  MHz,  and  +/-  20  degrees  scan  up  to  1620  MHz. 

A  greater  number  of  elements  than  the  7  used  in  the  prototype  would,  of  course, 
increase  array  gain,  reduce  beamwidth,  and  provide  finer  pattern  control,  but  would 
require  element  phase  shifts  proportional  to  frequency  (e.g.  true  time  delay)  to 
prevent  beam  squint  problems  for  wideband  signals. 

2.  Array  Feed:  Figure  2  shows  a  block  diagram  of  the  array  feed.  For  the  prototype 
it  is  a  corporate  feed  providing  uniform  amplitude  illumination.  The  prototype  uses 
stripline  components,  with  each  component  packaged  in  it's  own  case  and  connected 
to  other  feed  components  by  coaxial  lines.  This  prototype  feed  demonstrates  that  the 
required  feed  bandwidth  can  be  easily  provided  using  stripline  circuit  techniques. 
Future  versions  of  the  feed  could  achieve  manufacturing  economies  by  placing  more 
of  the  stripline  feed  components  together  on  the  same  circuit  board  instead  of  in 
separate  cases.  Plots  of  the  feed  loss  over  the  array  bandwidth  will  be  shown.  This 
array  can  be  used  for  transmit  and  receive. 

3.  Element  Size  and  Manufacturability:  The  elements  are  compact  compared  with 
most  other  types  of  ultra-wideband  phased  array  elements  since  the  depth  of  the 
element  above  the  ground  plane  is  approximately  one  quarter  wavelength  near  the 
center  frequency,  less  if  dielectrics  are  used.  The  elements  are  etched  on  substrates 
that  lie  in  the  plane  of  the  array,  permitting  several  rows  and  columns  of  elements 
to  be  etched  on  the  same  board,  an  economical  feature  which  also  contrasts  favorably 
with  most  ultra-wideband  array  elements. 
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4.  Impedance  Measurements:  Figures  3  and  4  show  the  measured  VSWR  at  the 
input  port  to  the  corporate  feed  which  feeds  the  entire  7  element  array.  All  elements 
are  excited  with  uniform  forward  power.  In  Figure  3  the  array  was  phased  for 
broadside.  In  Figure  4  the  array  was  scanned  to  20  degrees  off  broadside  in  azimuth 
which  is  the  only  scan  direction  measured  so  far.  The  VSWR  in  both  figures  is  below 
2.1:1  from  730  MHZ  to  2  GHz,  and  is  below  1.7:1  from  900  MHZ  to  2  GHz.  Phase 
shifters  were  not  available  yet  for  these  measurements  so  scanning  was  accomplished 
for  the  tests  by  inserting  short  lengths  of  coaxial  line.  The  use  of  phase  shifters 
would  add  some  insertion  loss  which  would  actually  improve  the  VSWR  but 
otherwise  have  a  negligible  effect  on  these  test  results.  Other  scan  directions  and 
scan  angles  have  not  been  measured  yet,  but  computer  simulations  of  the  array 
predict  an  active  element  VSWR  of  below  2:1  for  all  planes  of  scan  at  all  scan  angles 
less  than  +/-  30  degrees  off  broadside  for  all  frequencies  from  750  MHz  to  1450 
MHz. 

Figure  5  shows  the  VSWR  at  the  input  to  the  center  element  with  the  other  6 
elements  not  driven  but  terminated  in  their  matching  feed  networks.  The  VSWR  is, 
as  expected,  somewhat  higher  than  in  Figures  3  and  4  since  the  matching  circuit  was 
designed  for  the  active  impedance  with  all  elements  excited,  not  the  case  where  only 
one  element  is  driven.  Also,  some  of  the  power  dividers  in  the  feed  are  bypassed  to 
reach  a  single  element,  the  slightly  lower  feed  loss  contributing  a  little  to  the  increase 
in  VSWR. 

5.  Pattern  Measurements:  Figures  6  through  9  show  broadside  patterns  for  the 
prototype  array  elevation  and  azimuth  cuts.  The  array  was  also  scanned  twenty 
degrees  in  one  plane  as  shown  in  Figures  10  and  1 1 .  All  the  patterns  at  frequencies 
between  750  and  1750  MHz  show  a  well  formed  main  beam  pointed  in  the  correct 
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directions  and  sidelobes  that  are  close  to  the  expected  levels.  Some  pattern 
degradation  is  seen  for  the  500  MHz  and  2000  MHz  curves. 

Figure  12  plots  the  broadside  gain  measured  on  the  peak  of  the  beam  at  each 
frequency  and  compares  it  with  the  approximate  theoretical  directivity.  The 
difference  between  directivity  and  gain  is  the  total  loss  in  the  antenna  feed,  which 
is  also  plotted  in  Figure  12.  This  loss  is  due  to  the  mismatch  loss  at  the  radiating 
elements  plus  loss  in  all  the  feed  components  (baluns,  90  degree  hybrids,  power 
dividers,  and  coax).  The  feed  components,  excluding  mismatch  loss  at  the  elements, 
could  contribute  up  to  3.5  dB  of  loss  in  the  worst  case  which  is  the  sum  of  their 
individual  insertion  loss  specifications.  It  can  be  seen  in  Figure  12  that  the  total  loss 
is  below  3.5  dB  over  most  of  the  frequency  range  between  750  MHZ  and  1400 
MHZ,  and  rises  only  slightly  above  this  from  1400  MHZ  to  1750  MHz.  This 
establishes  the  important  result  that  there  are  no  major  loss  mechanisms  that  are  not 
accounted  for,  and  that  the  radiating  elements  are  well  matched  to  the  feed  network 
over  a  very  wide  bandwidth.  The  low  array  VSWRs  shown  in  Figures  3  and  4  also 
support  the  conclusion  that  the  elements  are  well  matched  over  one  octave  or  more. 

Figures  13  through  16  show  the  center  element  principal  plane  patterns  in  the 
terminated  array  environment.  These  are  typical  element  patterns,  showing  a 
directive  pattern  in  the  forward  direction  with  no  deep  nulls.  The  cross-polarization 
level  (LHCP)  was  also  checked  and  is  usually  about  10  dB  below  the  co-polarized 
element  pattern  on  broadside. 

6.  Acknowledgements:  The  author  wishes  to  acknowledge  valuable  guidance  and 
suggestions  from  Dr.  Leon  Susman  of  E-Systems,  APTI  Division  and  from  Dr. 
Walter  Kahn  of  ANRO  Inc.,  Sarasota,  FL. 
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Figure  2.  Feed  Block  Diagram 


541 


Measured  VSWR  for  Full  7  Element  Feed  Input,  Broadside  Beam 
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Figure 
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Measured  VSWR  for  Central  Element  with  Other  6  Elements  Terminated 
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Figure 


Wideband  Microwave  Phased  Array  Broadside  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 


'ff  Broadside  (deg) 

Figure  6 


Wideband  Microwave  Phased  Array  Broadside  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 


Angle  off  Broadside  (deg) 

Figure  7 


Wideband  Microwave  Phased  Array  Broadside  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 


off  Broadside  (deg) 

Figure  8 


Wideband  Microwave  Phased  Array  Scanned  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 


Angle  off  Broadside  (deg) 


Wideband  Microwave  Phased  Array  Scanned  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 


Angle  off  Broadside  (deg) 

Figure  11 


-ay  Gain,  Directivity,  and  Loss  for  7  Element  Broadside  Array 


Figure  12 


Wideband  Microwave  Phased  Array  Center  Element  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 
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Angle  off  Broadside  (deg) 


Wideband  Microwave  Phased  Array  Center  Element  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 
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Angle  off  Broadside  (deg) 

Figure  14 


Wideband  Microwave  Phased  Array  Center  Element  Measured  Pattern 
Mismatch  and  Feed  Loss  included  but  not  Phase  Shifters 


Angle  off  Broadside  (deg) 

Figure  15 


Wideband  Microwave  Phased  Array  Center  Element  Measured  Pattern 
Mismatch  and  Foad  Loss  includad  but  not  Phaso  Shiftors 


Angle  off  Broadside  (deg) 

Figure  16 


TOWARD  A  BETTER  UNDERSTANDING  OF 
WIDEBAND  VIVALDI  NOTCH  ANTENNA 

ARRAYS 

J.  Shin  and  D.H.  Schanbert 
Antenna  Laboratory 

Department  of  Electrical  and  Computer  Engineering 
University  of  Massachusetts 
Amherst,  MA  01003 

Abstract:  A  moderately  thorough  parameter  study  has  been  conducted  to 
determine  the  relationships  between  several  design  parameters  of  Vivaldi  notch 
antenna  arrays  and  their  wide-band,  wide-scan  performance.  The  results  indi¬ 
cate  promising  starting  points  for  designers  wishing  to  develop  new  arrays  for 
wide-band  apphcations  and  they  provide  guidance  to  improve  the  performance 
of  existing  designs.  The  SWR  of  infinite,  single-polarized,  striphne-fed  antenna 
arrays  has  been  evaluated  by  using  a  full-wave  method  of  moments  analysis. 
The  antennas  typically  exhibit  a  high  SWR  at  the  upper  and  lower  hmits  of 
their  frequency  range.  Between  these  hmits,  the  SWR  oscillates.  The  results 
show  how  the  upper  and  lower  hmits  and  the  inband  oscillations  change  as  the 
antenna  parameters(exponential  taper,  grid  spacings,  striphne  stub,  slothne 
cavity,  etc.)  are  varied.  The  undesireable  effects  of  one  parameter  change  can 
be  compensated  by  changing  a  second  parameter  in  most  cases.  The  upper 
frequency  hmit  for  H-plane  scanning  is  restricted  by  a  scan  bhndness,  which 
depends  strongly  on  array  grid  spacings.  Adjustment  of  antenna  parameters 
has  led  to  a  design  with  SW^R  <  2  over  a  bandwidth  of  4.7:1  and  a  scan  volume 
of  ±45  degrees  in  the  E-  and  H-planes. 

1.  Introduction 

The  use  of  Vivaldi  notch  antennas  for  wide-band/ wide-scan  phased  arrays 
was  proposed  more  than  two  decades  ago[l].  Although  a  number  of  successful 
arrays  have  been  demonstrated,  the  fundamental  operation  of  these  antennas  is 
not  yet  weU  understood,  nor  can  designers  rehably  create  new  arrays  fulfilhng 
specified  requirements  without  a  great  deal  of  design  iteration.  The  advent 
of  accurate  numerical  simulations  for  these  antennas  has  made  it  possible  to 
replace  many  of  the  empirical  iterations  with  numerical  analysis,  but  rapid 
convergence  to  a  good  design  is  still  highly  dependent  upon  the  experience 
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of  the  designer  and  few  results  have  been  pubhshed  to  aid  designers  in  the 
best  choice  of  starting  points  or  in  the  most  fruitful  areas  to  explore  when  a 
design  needs  improvement.  The  intent  of  this  paper  is  to  present  a  summary 
of  numerous  studies  that  were  undertaken  to  ascertain  the  effects  of  various 
design  parameters  on  the  performance  of  wide^band/wide-scan  Vivaldi  notch 
antenna  arrays.  The  studies  have  focused  on  successful  designs  and,  although 
they  are  not  exhaustive,  they  yield  insights  into  what  is  needed  for  a  successful 
design  and  how  to  improve  a  design  that  is  nearly  good  enough. 

The  studies  have  been  performed  by  using  a  full- wave  numerical  analysis 
that  has  been  fully  validated  by  comparison  to  other  analyses  and  to  exper¬ 
imental  data.  The  algorithm  treats  infinite  phased  arrays,  so  the  results  are 
useful  for  large  scanning  arrays.  This  paper  considers  only  single-polarized 
arrays.  Additional  work  is  commencing  to  study  dual-polarized  arrays.  The 
paper  presents  SWR  versus  frequency  for  numerous  parameter  variations  and 
identifies  trends  that  are  useful  in  designing  arrays.  Section  2  describes  the 
parameters  of  the  antenna  arrays.  Section  3  briefly  describes  the  methods  used 
in  the  study,  and  section  4  contains  the  results  and  discussions. 

2.  Parameters  of  a  Vivaldi  Notch  Antenna  Array 

The  parameters  of  a  Vivaldi  notch  antenna  array  are  defined  in  Figs.  1 
and  2.  They  can  be  classified  into  the  substrate  parameters  (relative  dielectric 
constant,  and  thickness,  t),  the  array  grid  dimension  parameters(H-plane 
spacing,  a,  and  E-plane  spacing,  6),  and  the  antenna  element  parameters, 
which  can  be  subdivided  into  the  stripline/slothne  transition,  the  taper  section, 
and  the  stripline  stub  and  slothne  cavity.  The  stripHne/slothne  transition  is 
specified  by  W5r(stripHne  width)  and  W5i:,(slothne  width).  The  exponential 
taper  profile  is  defined  by  the  opening  rate  R  and  two  points  Pi{zi^yi)  and 

■P2(22, 2/2) 
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where 


y  =  c-i  -r  C2 

=  ^2  ~ 

^  ^Rz2  __  giizi 

The  taper  length  L  is  Z2  —  zi  and  the  aperture  height  H  is  2(t/2  -  2/1)  +  Wsl- 
The  parameters  related  to  the  striphne  stub  and  slothne  cavity  shown  in  Fig. 2 
are  as  follows: 

-  Lc-  length  of  rectangular  slothne  cavity, 

-  He-  height  of  rectangular  slothne  cavity, 

-  Lg-  offset  of  rectangular  slothne  cavity  from  the  ground  plane, 

-  Dsl-  diameter  of  circular  slothne  cavity, 

-  Lstb-  length  of  uniform  striphne  stub, 

-  Rr'-  radius  of  radial  striphne  stub, 

-  Ar:  angle  of  radial  striphne  stub, 

-  D ST'-  diameter  of  circular  striphne  stub, 

-  Ltc'-  distance  from  the  transition  to  the  slothne  cavity, 

-  Lta’  distance  from  the  transition  to  the  taper. 

3.  Method  of  the  Parameter  Study 

In  this  parameter  study,  we  are  interested  in  the  impedance  bandwidth  of 
the  arrays.  The  program  used  for  computing  the  active  input  impedance  of 
the  arrays  is  based  on  the  Green’s  Function-Moment  Method  formulation [2]. 
It  treats  infinite  phased  arrays  by  analyzing  the  unit  ceh  in  detail.  Triangular 
basis  functions [3]  have  been  added  to  improve  the  modehng  capabihty  for 
exponentially  flared  slots.  Impedance  matrix  interpolation [4]  has  been  used  to 
speed  up  the  overall  computations  over  a  given  frequency  band. 

For  a  given  set  of  parameters,  the  MoM  analysis  and  the  interpolation  pro¬ 
duces  the  active  input  impedance,  Zin(/),  from  which  the  impedance  band- 
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width  (SWR  <  2.0)  is  calculated.  Generally,  Zc-,  the  characteristic  impedance 
of  the  striphne  which  gives  good  coupHng  to  slothne  is  different  from  the  sys¬ 
tem  impedance,  which  is  usually  50  Two  kinds  of  transitions  from  Zc  to  50 
can  be  used;  a  tapered  one  of  Fig. 3(a)  and  a  stepped  one  of  Fig. 3(b).  The 
former  is  used  when  the  Zin{f)  shows  a  wideband  match  to  Zc  and  the  latter 
is  used  for  the  cases  of  wideband  match  to  50  fi.  The  resultant  band  widths 
are  defined  as  BWzc  and  respectively.  There  are  cases  where  a  wider 

impedance  bandwidth  can  be  achieved,  even  though  both  BWzc  and  BW^q 
are  not  satisfactory.  By  using  transmission  hne  theory,  Ziji{x,f),  the  input 
impedance  along  the  striphne  is  computed  from  ^m(/)  and  the  position  where 
widest  impedance  match  to  50  occurs  can  be  determined.  The  use  of  the 
stepped  transition  at  an  appropriate  position  as  shown  in  Fig. 3(c)  results  in 
the  maximum  bandwidth,  MBW^o- 

Initially,  the  array  grid  dimensions  are  fixed  to  a  =  3.45  cm  and  b  — 
3.2  cm  for  studying  the  effects  of  antenna  element  parameters.  With  these 
dimensions,  the  upper  frequency  is  hmited  to  about  5  GHz  to  ensure  no  grating 
lobes  over  ±45°  scan  volume  in  both  E-  and  H-  planes.  Later,  the  array  grid 
dimensions  are  reduced  and  the  upper  hmit  of  the  computation  frequency 
increases  accordingly.  The  introductory  stage  of  the  parameter  study  has 
been  focused  to  broadside  scan  performance.  After  narrowing  down  to  some 
good  sets  of  parameters,  the  scan  performance  has  been  studied  by  computing 
the  SWR’s  of  broadside,  H-plane  45°,  and  E- plane  45°  scan.  The  relative 
dielectric  constant  of  the  substrate  is  fixed  to  2.2  for  studying  the  effects  of 
antenna  element  parameters  and  array  grid  dimensions.  Dielectric  thicknesses 
of  0.144  cm,  0.288  cm,  and  0.4  cm  have  been  studied. 


559 


4.  Results  and  Discussions 


4.1  Antenna  Element  Parameters 

Intuitively,  one  suspects  that  the  design  of  the  basic  radiating  element  must 
be  reasonably  “good”  if  wideband  array  performance  is  to  be  achieved.  The 
parameter  studies  that  foUow  are  not  thorough  because  there  are  too  many 
parameters  to  fully  explore  all  combinations  in  a  single  effort.  However,  based 
upon  much  more  data  that  also  have  been  evaluated,  many  of  the  trends  ex¬ 
hibited  here  will  be  observed  for  other  values  of  the  fixed  parameters.  Further¬ 
more,  these  studies  emphasize  successful  designs,  so  the  trends  displayed  here 
may  be  especially  useful  in  optimizing  an  array  that  is  performing  reasonably 
well. 

4.1.1  Striphne/SlotUne  Transition 

The  transition  from  striphne  to  slothne  is  important,  so  various  values  of 
WsT  and  WsL  have  been  studied  for  the  three  dielectric  thicknesses.  The 
parameter  study  was  conducted  by  varying  R  from  0.01  to  0.7  to  find  the 
maximum  usable  bandwidth  with  fixed  values  of  Wst  and  Wsl-  AU  other 
parameters  are  fixed  to  H  =  2.2  cm,  L  =  4.5  cm,  Lc  =  0.5  cm.  He  =  1.2  cm, 
Lg  =  0  cm,  Lstb  =  1-4  cm,  and  Ltc  =  Rta  =  0.25  cm.  The  shape  of  the 
antenna  is  shown  in  the  inset  of  Fig. 4. 

Tables  1  —  3  show  broadside  scan  BWzc  and  MBW^q  for  the  dielectric 
thicknesses  of  t  =  0.144  cm,  0.288  cm,  and  0.4  cm,  respectively.  In  Table 
1  the  data  for  kF5i’=0.025  cm  are  available  only  for  PFsi=0.05  cm,  because 
for  such  narrow  striphne  width  the  results  of  the  computations  converge  very 
slowly  and  we  didn’t  compute  for  other  slot  widths.  From  the  tables  it  can  be 
observed  that 

1.  In  most  cases,  MBW^o  is  greater  than  BWzc, 
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Table  1.  Broadside  impedance  bandwidth:  substrate  thickness  0.144  cm. 


- i - i  k====--h  MBW. 

1.0  GHz  5.0  GHz  1.0  GHz  5.0  GHz 


(Zc)\. 

0.025  cm 

0.05  cm 

0. 1  cm 

0.2  cm 

Y/////////.' 

yy^/7^. 

r/YY/y/YY/^ 

’YYYTYYYTYZy 

1— 1'"  _ 

0.025  cm  1 

1.44 

5  + 

(109  0  )  1 

H---  ■  ■  >— 

— 1 

1.54  4.0 

! - 1 

0.05  cm  1 

1.50  5  + 

1.55 

5  + 

h" ' - H 

1.50  4.89 

1^59  2.80 

(81  n )  1 

[_ - - 1 

1.25  4.05 

1.15 

_ - _ 

5  + 

|_ - -  j 

1.22  4.65 

1  1 
i.45  2.82 

1 _ 

0.1  cm  1 

2.05  5.55 

1.96 

5+ 

'  2.16  5.45  ' 

H - > - 1 

1.25  2.52 

(56  n )  6 

1 _ _ ( 

1.91  5+ 

1.18 

5  + 

2.02  3.61 

h - - - 1 

1.23  2.61 

2.  There  are  many  stripline/slotline  combinations  which  result  in  band- 
widths  of  about  4:1.  The  hmit  of  the  lower  operating  frequency  end(/i,)  is 
about  1.2  GHz  and  that  of  the  upper  end(/c;)  extends  up  to  6  GHz  in  some 
cases  but  is  set  to  5  GHz  to  ensure  no  grafing  lobes  in  ±45*^  scan  volume. 

3.  For  wide  slot  width  of  0.2  cm,  the  operating  bandwidths  are  very 
narrow  except  a  few  cases. 

4.  For  the  same  stripline  width  and  dielectric  constant,  /i,  decreases 
slightly  as  Wsl  decreases,  ignoring  a  few  cases  where  fi  is  determined  by  the 
first  in-band  hump.  This  might  be  due  to  the  effectively  longer  stub  length 
when  measured  from  the  top  edge  of  the  slotline  instead  of  the  center. 

4.1.2  Tapered  Section 

The  typical  frequency  response  of  a  wideband  design  using  a  uniform 
stripline  stub  and  rectangular  slotline  cavity  shows  two  or  three  in-band  humps, 
a  very  steep  increase  in  SWR  below  /x,,  and  a  less  steep  increase  above  /[/. 
Fig. 4  shows  the  effects  of  the  exponential  opening  rate  R  for  a  typical  case 
where  t  —  0,144  cm,  Wst  —  0.05  cm,  Wsl  =  0.05  cm.  As  shown  in  Fig. 4,  fi 
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Table  2.  Broadside  impedance  bandwidth:  substrate  thickness  =  0.288  cm 


i - 1  . J - i  K-  . . - 1 

1.0  GHz  5.0  GHz"  1.0  GHz  5.0  GHz 
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1.38  3.77 

- 1 
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j  1 - - 1 
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- '  1 

1.28  4.01 
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0.2  cm  1 
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H  .  ! 
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j 
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0.24  cm  1 
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1 - 1  1 
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Table  3-  Broadside  impedance  bandwidth:  substrate  thickness  =  0.4  cm. 
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H  "1 

H  .  i 
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1.31  2.68 
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1.22  54-  1.21  4.90 
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decreases  as  R  increases  and  the  in-band  humps  can  be  controlled  by  varying 
R.  The  small  discontinuities  in  the  SWR  plots  are  caused  by  the  matrix  inter¬ 
polation  scheme[4].  Smooth  results  can  be  obtained  at  the  expense  of  increased 
computer  time,  but  these  results  will  not  yield  additional  information. 

Fig. 5  shows  a  significant  band  broadening  using  the  simple  step  transition 
for  a  case  of  Fig.4(i2  —  0.6).  This  band-broadening  technique  often  works 
when  the  SWR  referred  to  Zc  of  the  in-band  humps  are  less  than  about  2.5 
and  the  real  part  of  the  impedances  there  are  less  than  50  fi.  It  is  also  possible 
to  find  the  optimum  position  of  the  step  transition  for  several  scan  conditions 
simultaneously,  for  example,  broadside  scan,  H-plane  45°  scan,  and  E-plane 
45°  scan. 

To  see  the  effects  of  taper  length  i,  the  maximum  usable  bandwidth  is 
determined  by  varying  the  opening  rate  R  with  fixed  values  of  i~2.5-6.5  cm 
in  1  cm  steps.  All  other  parameters  are  set  as  above  except  t  =  0.4  cm, 
WsT  =  0.2  cm,  and  Wsl  ~  0.05  cm  to  get  the  results  of  Table  4.  It  was  found 
that  the  bandwidth  diminishes  for  L  <  3.5  cm  and  that  increasing  L  beyond  4.5 
cm  is  of  little  value.  Thus  L=4.5  cm  can  be  considered  as  the  optimum  taper 
length  for  the  range  of  parameters  studied  here.  As  L  increases,  /x  decreases 
slightly  but  the  first  in-band  hump  gets  larger,  which  Emits  the  performances 
in  the  lower  frequency  range  for  longer  tapers.  It  also  has  been  noted  that  the 
number  of  the  in-band  humps  increases  as  L  increases,  implying  the  reflection 
at  the  antenna  aperture  causes  the  in-band  humps,  at  least  partially. 

The  effects  of  the  aperture  height  H  have  been  studied  for  i?=1.7,  2.2,  and 
3.2  cm  with  L  fixed  to  4.5cm.  From  the  results  in  Table  5,  /l  decreases  as  H 
decreases. 
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Table  4.  EiFects  of  the  taper  length,  L.  Unit: GHz 


L  =  3.5  cm 

L  =  4.5  cm 

L  “  5.5  cm 

BWzc 

2.35-4.42 

1.21  -  5.0+ 

1.76-5.0+ 

MBWso 

2.22-4.20 

1.20  -  5.0+ 

1.17-5.0+ 

Table  5.  Effects  of  the  aperture  height,  H. 

Unit:  GHz 

H  =  1.7  cm 

H  —  2.2  cm 

H  =  3.2  cm 

BWzc 

1.98-4.76 

1.21  -  5.0+ 

2.11  -  5.0+ 

MBW^o 

1.15-5.0+ 

1.20-5.0+ 

1.28-5.0+ 

4.1.3  Stripline/Slotline  Cavities 

Although  Tables  1  —  3  show  several  cases  in  w’hich  the  BWzc  and/or 
MBW50  are  greater  than  3.5:1,  in  most  cases  the  SWR  of  the  in-band  humps 
are  close  to  2.0  and  in  most  cases  the  H-plane  scan  has  a  larger  hump  in 
the  frequency  ranges  of  1.2  —  2.5  GHz.  The  case  where  t  =  0.288  cm  and 
WsT  =  WsL  —  0.1  cm  has  shown  the  widest  band  over  which  the  SWR’s  re¬ 
ferred  to  Zc  are  less  than  about  1.5  for  the  broadside  scan,  resulting  in  wider 
overall  bandwidth  in  the  ±45°  scan  volume  than  any  other  stripHne/ slotline 
combination.  So  in  most  of  the  following  parameter  studies,  this  transition  is 
exploited  to  search  for  a  wider  operating  frequency  bandwidth. 

Increasing  the  stub  length,  Lstb-,  decreases  a  httle,  but  the  reduction 
of  fxj  is  more  severe  than  the  benefit  at  the  lower  frequency.  From  the  results 
shown  in  Fig. 6,  it  can  be  concluded  that  the  steep  change  of  SWR  in  the 
lower  frequency  band  is  dominated  by  the  imperfect  performance  of  the  “open 
circuit”  provided  by  the  slot  cavity,  whereas  the  the  less  steep  change  of  SWR 
at  the  upper  end  is  due  to  the  imperfect  performance  of  the  “short  circuit” 
provided  by  the  striphne  stub.  The  increases  of  SWR  at  higher  frequencies  in 
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Fig. 6  correspond  approximately  to  half-wavelength  resonances  at  5.5  GHz,  6.2 
GHz,  and  7.05  GHz  for  L  =  1.8  cm,  1.6  cm,  and  1.4  cm,  respectively. 

Fig.7  shows  the  effects  of  the  backwaU  offset,  Lg  —  I,  2,  and  3cm.  The  lower 
end  of  the  frequency  band  is  reduced,  but  the  enlarged  in-band  hump  limits 
the  wideband  performance.  It  is  also  noticed  that  increasing  Lg  from  0  to  1 
cm  introduces  a  significant  difference  in  the  SWR  performance  below  2.5  GHz, 
but  additional  increments  of  Lg  do  not  change  the  performance  so  much. 

Fig. 8  shows  the  effects  of  using  a  radial  stripHne  stub  and  a  circular  slotline 
cavity.  The  radial  striphne  stub  not  only  improves  further  but  also  improves 
the  first  in-band  hump  and  the  higher  end  of  the  frequency  band.  Although 
it  is  not  shown  in  Fig. 8,  a  circular  stripline  stub  of  0.9-cm  diameter  showed 
similar  results  as  the  radial  stub  of  i?i?=0.8  cm  and  Ai?=80°.  In  Fig. 8,  the 
circular  slot  cavity  shows  similar  performance  as  the  rectangular  slot  cavity.  It 
is  found  that  circular  and  rectangular  slot  cavities  of  approximately  the  same 
area  result  in  similar  SWR  response. 

Fig. 9  shows  the  effects  of  the  size  of  the  radial  striphne  stub.  The  in-band 
humps  change  a  httle,  but  the  overall  performance  does  not  change  very  much 
for  the  changes  of  i2H=:0.6  cm  to  0.8  cm. 

Fig.  10  shows  the  effects  of  the  size  of  the  circular  slot  cavity.  For  larger 
cavities,  fi  decreases  significant!}^,  but  the  first  in-band  hump  gets  large  to 
hmit  the  overall  wideband  operation.  For  excessively  large  cavities,  the  first 
in-band  hump  cannot  be  compensated  by  changing  other  parameters. 

The  results  presented  so  far  have  been  hmited  to  the  broadside  scan.  Fig.  11 
shows  the  scan  performances  of  broadside,  H-plane  45°,  and  E-plane  45°  for 
the  same  antenna  array  as  in  Fig.7  with  Lg=  1  cm.  The  very  large  in-band 
hump  around  1.8  GHz  in  broadside  scan  and  H-plane  45°  scan  can  be  signif¬ 
icantly  improved  by  using  a  radial  stub  instead  of  the  uniform  stripline  stub 
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as  shown  in  Fig. 12.  The  very  sharp  anomalies  around  3.5  GHz  and  4.73  GHz 
in  H-plane  scan  have  been  verified  by  finite  array  measurements  [5].  All  other 
Vivaldi  antenna  arrays  analyzed  showed  similar  scan-bhndness  anomahes  in 
H-plane  scan,  which  limit  the  overall  wideband  and  wide-scan  performance  of 
the  arrays.  The  frequencies  of  the  H-plane  scan  anomalies  are  independent 
of  the  slot  cavity  and  the  striphne  stub,  but  decrease  somewhat  as  the  taper 
length  L  increases  or  the  opening  rate  R  increases.  In  the  next  section,  it  will 
be  shown  that  the  frequencies  of  the  H-plane  scan  anomalies  can  be  controlled 
by  varying  the  array  grid  spacings. 

4.2  Array  Grid  Dimensions  a  and  h 

Generally,  the  SWR  performances  of  the  broadside  scan  and  E-plane  scan 
are  better  than  those  of  the  H-plane  scan  and,  thus,  overall  bandwidth  is 
mainly  determined  by  the  H-plane  scan  performance,  especially  the  first  in- 
band  hump  and  the  first  H-plane  scan  anomaly.  The  frequencies  of  the  H-plane 
scan  anomalies  move  upward  significantly  when  the  E-plane  grid  spacing  b  is 
reduced.  The  magnitudes  of  the  in-band  humps  also  change  as  the  array  grid 
spacing  varies.  Fig. 13  shows  plots  of  SWR  in  H-plane  45°  scan  for  5=1.7  cm, 
2.0  cm,  2.5  cm,  and  3.2  cm  with  a=2.5  cm,  72=0.3,  and  77=1. 7cm.  All  other 
dimensions  are  same  as  the  array  of  Fig. 12.  The  first  in-band  hump  reduces 
as  the  b  decreases.  The  frequency  of  the  first  H-plane  scan  anomaly  is  shifted 
from  about  3.5  GHz  to  about  5.5  GHz  as  b  decreases  from  3.2cm  to  1.7  cm. 
The  net  effect  of  the  reduced  in-band  hump  and  the  increased  frequency  of  the 
scan  anomaly  is  an  operating  bandwidth  of  4.7:1. 

Fig.  14  shows  the  effects  of  the  H-plane  spacing,  a,  on  the  frequency  of 
the  H-plane  scan  anomaly.  The  frequency  of  the  first  H-plane  scan  anomaly 
is  shifted  from  about  4.8  GHz  to  about  6.0  GHz  by  varying  a  from  3.45  cm 
to  1.7  cm  with  b  fixed  to  1.7  cm.  The  magnitude  of  the  first  in-band  hump 
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increases  as  a  decreases,  which  is  the  opposite  trend  to  the  case  of  the  E-plane 
spacing,  b. 

The  amount  of  the  frequency  shift  of  the  first  H-plane  scan  anomaly  due 
to  the  change  of  the  grid  spacing  a  or  b  also  depends  upon  the  value  of  the 
orthogonal  grid  spacing  b  or  a,  respectively,  as  shown  in  Fig. 15.  For  a— 1.7  cm, 
the  frequency  of  the  first  H-plane  anomaly  is  shifted  from  3.65  GHz  to  6  GHz 
as  b  is  reduced  from  3.2  cm  to  1.7  cm,  whereas  it  is  shifted  from  3.45  GHz  to 
4.77  GHz  for  the  same  change  of  b  when  a=3.45  cm.  Similarly,  for  5=1.7  cm, 
the  frequency  of  the  first  H-plane  anomaly  is  shifted  from  4.77  GHz  to  6  GHz 
as  a  is  reduced  from  3.45  cm  to  1.7  cm,  whereas  it  is  shifted  from  3.45  GHz  to 
3.65  GHz  for  the  same  change  of  a  when  5=3.2  cm. 

Thus  it  can  be  concluded  that  the  frequency  of  the  first  H-plane  scan 
anomaly  is  shifted  upward  as  the  grid  spacing  a  or  5  is  reduced.  The  frequency 
of  the  H-plane  scan  depends  on  a  less  sensitively  than  on  5.  The  smaller  is  a, 
the  larger  is  the  frequency  shift  due  to  same  change  of  5,  and  the  smaller  is  5, 
the  larger  is  the  frequency  shift  due  to  same  change  of  a. 

The  scan  performances  shown  in  Fig. 16  for  the  broadside  scan,  H-plane  45°, 
and  E-plane  45°  scan  exhibit  about  4.7:1  bandwidth  over  a  45°  scan  volume. 
The  grid  spacings  of  the  arrays  are  a=2.5  cm  and  5=1.7  cm,  and  all  other 
parameters  are  the  same  as  in  Figs.  13  and  14. 

4.3  Dielectric  Constant 

To  see  the  effects  of  the  dielectric  constant  of  the  substrate,  Cr  is  varied 
from  2.2  to  4  and  10  for  the  array  of  Fig. 16.  The  main  effect  of  high  dielectric 
constant  is  the  significant  shift  downward  the  frequencies  of  the  H-plane  scan 
anomalies  as  shown  in  Fig. 17.  It  is  also  observed  that  the  in-band  humps  get 
larger  in  size  and  move  downward  in  frequency,  which  is  the  result  of  reduced 
wavelength  Xg  due  to  the  high  dielectric  constant.  Thus,  for  Vivaldi  antenna 
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arrays,  lower  dielectric  constant  appears  to  be  better  for  wideband/ widescan 
operation. 

5,  Conclusions 

A  moderately  extensive  parameter  study  of  wideband  Vivaldi  notch  an¬ 
tenna  arrays  has  been  performed  by  using  a  full-wave  method  of  moments 
analysis.  The  study  divided  the  antenna  parameters  into  three  broad  cat¬ 
egories:  array  grid,  element  metalization  patterns,  and  dielectric  substrate. 
The  bulk  of  the  parameter  study  was  devoted  to  various  aspects  of  the  ele¬ 
ment  metalization  pattern.  These  include  the  striphne- to- slotline  transition, 
the  stripline  stub  and  slothne  cavity,  and  the  exponential  antenna  taper.  It 
was  relatively  easy  to  obtain  SWR  <  2  up  to  the  maximum  frequency  for  op¬ 
eration  free  of  grating  lobes  in  E-plane  scan.  Extending  the  lower  operating 
frequency  limit  downward  tow^ard  1  GHz  was  difficult,  but  the  use  of  radial 
stubs  and  properly  chosen  antenna  tapers  provides  reasonably  good  perfor¬ 
mance.  In-band  humps  in  the  SWR  can  be  controlled  by  varying  many  of 
the  antenna  parameters,  so  that  the  adverse  effects  of  some  changes  can  be 
offset  by  other  parameter  changes.  Extending  the  upper  frequency  hmit  for 
H-plane  scan  requires  reduced  E-plane  spacing  to  move  the  scan  anomaly  to 
higher  frequencies.  The  best  design  so  far  achieves  SWR  <  2  over  a  band¬ 
width  of  4.7:1  and  a  scan  volume  of  ±45  degrees  around  broadside.  Based 
on  a  hmited  amount  of  data,  it  appears  that  the  antennas  perform  better 
when  a  lower  permittivity  substrate  is  used.  Further  studies  of  substrate  per¬ 
mittivity  are  needed  to  explore  the  effects  of  several  antenna  parameters  on 
high-permittivity  substrates. 
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Frequency  [GHz] 

Figure  4.  Effects  of  opening  rate  R.  {BWzci  broadside  scan,  e 
2.2,  t  =  0.144  cm,  Wst  =  0.05  cm,  Wsl  =  0  05  cm,  a  =  3 
cm,  b  =  3.2  cm,  H  —  2.2  cm,  L  =  4.5  cm,  Lstb  =  1-4  c 
Lc  =  0.5  cm.  He  =  1-2  cm,  Ltc  =  Lta  =  0.25  cm,  d  = 


Figure  7.  Effects  the  backwall  offset,  Lq.  {BWzo  broadside  scan, 
er  =  2.2,  t  =  0.288  cm,  Wst  =  0.1  cm,  Wsl  =  0.1  cm, 
c  =  3.45  cm,  b  =  3.2  cm,  R  =  0.3,  H  =  2.2  cm,  L  =  4.5 
cm,  Lstb  =  1-4  cm,  Lc  =  0.5  cm.  He  =  1-2  cm,  Ltc  - 
Lta  =  0.25  cm) 
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Figure  8.  Effects  of  radial  stripline  stub  and  circular  stub, 
{BWzc’)  broadside  scan,  All  parameters  are  same  as 
Fig. 7  except  as  otherwise  mentioned.):  (a)  rectangu¬ 
lar  slot  cavity  and  uniform  stripline  stub,  (b)  1-cm  off¬ 
set  backwall  (c)  radial  stripline  stub(i2ii=0.8  cm  and 
with  1-cm  offset  backwall  (d)  circular  slot 
cavity (1)52^  =  1.0  cm)  and  radial  stripline  stub. 
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Figure  9.  Effects  of  size  of  radial  stripline  stub.  {BWzc^  broad¬ 
side  scan,  All  parameters  are  same  as  Fig. 8  (c)  except 
Lg  =  0  cm  and  varying  Rr*) 


1  1,5  2  2.5  3  3.5  4  4.5  5 

Frequency  [GHz] 

Figure  11-  Scan  performance  of  antenna  array  having  rectangu¬ 
lar  slot  cavity  and  uniform  stripline  stub.  All 

parameters  are  same  as  array  of  Fig. 7  with  Lq  =  I 
cm.) 
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Figxire  12.  Scan  performance  of  antenna  array  having  circular 
slot  cavity  and  radial  stripline  stub.  {BWzo  P^" 
rameters  are  same  as  array  of  Fig. 8  (d).) 
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Figure  13.  Effects  of  E-plane  grid  spacing,  b.  {BWzc,  H-plane 
45°  scan,  All  parameters  are  same  as  array  of  Fig. 8 
(d)  except  different  H,  a,  and  varying  5,  i.e.  e,.  =  2.2, 
t  =  0.288  cm,  WsT  =  0.1  cm,  Wsi  —  0.1  cm,  a  =  2.5 
cm,  R  =  0.3,  H  =  1.7  cm,  L  =  4.5  cm,  Rr  =  0.8  cm, 
Ar  =  80°,  Dsl  =  1-0  cm,  Ltc  =  Lta  =  0.25  cm,  and 
d  =  6.5  cm.) 


E 

o 


Csl 

rb 

!i 

_Q 

2,5cm 

1  .7  cm 

0=1.7  cm 

_ 

,  ^ 

1/ 

3 

C 

4 

5 

6 

Freq.[GHz] 

c 

o 

CM 

ro 

11 

E 

u 

m 

7  cm 

JO 

CM 

0=2-5  cm 

1 

. 

_ 1 _ 

3 

=  3.2  cm 

4 

E 

u 

in 

7  cm 

cn 

6 

Freq.[GH2] 

JD 

CM 

0=3.45  cm  . 

1  , 

3 

4 

5 

e; 

Freq.[GH2] 

E 

u 

lO 

-M" 

rn 

I[ 

E 

o 

m 

7  Cff: 

O 

CsJ 

b=i.7  cm 

, 

, 

1  , 

i 

_ y___ 

3 

=  3.45cm 
.5cm 

7  cm 

5 

6 

Freq.[GH2] 

O 

b=2.5  cm 

,  n1/ 

3 

E 

^  c 

UO  E 

^  E  <0 
ro 

M 

4 

5 

6 

Freq.[GHz] 

b=3  2  cm  ~ 

Q  CM  ^ 

! 

. . j- 

3 

4 

5 

6 

Freq.[GHz] 

Figure  15.  Frequencies  of  the  first  H-plane  scan  anomaly  for  var¬ 
ious  grid  spacings  a  and  i.(All  parameters  are  same 
as  array  of  Fig. 13  except  varying  a  and  b.) 
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CO 


Figure  16.  Scan  performance  of  antenna  array  having  4.7:1 
bandwidth  over  45°  scan  volume.  {BWzo  All  param¬ 
eters  are  same  as  array  of  Fig. 13  with  6=1.7  cm.) 
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Abstract: 

Under  a  recent  program  sponsored  by  the  U.  S.  Air  Force’s  Wright  Laboratory/ AARM 
(F33615-92-C-1045,  Elton  Hopper,  Technical  Manager),  the  function  of  a  conventional,  vertically 
polarized  airborne  monopulse  radar  system  was  expanded  to  include  a  polarization  diversity 
capability.  A  unique,  light-weight,  meanderline  polarizer  lens  configuration  was  added  to  the 
flatplate  array  antenna,  enabling  it  to  receive  simultaneous  horizontally  and  vertically  polarized 
target  returns  while  transmitting  a  vertically  polarized  signal.  An  alternative  RF  switch  position 
permits  transmission  of  right-hand  circular  and  reception  simultaneously  of  right-  and  left-hand 
circularly  polarized  returns.  Either  configuration  detects  two  weakly  correlated  polarization 
scattering  states.  Such  data  are  potentially  useful  in  automatic  target  identification  (ATR),  either 
through  partial  polarization  whitening  of  the  image  or  by  supplying  dual  polarimetric  feature 
information  for  matching  against  a  target  model.  The  system  design  also  provides  for  the  addition 
of  a  high  speed  RF  switch  to  support  interleaved  transmission  of  orthogonal  polarization  states  for 
measurement  of  the  full  coherent  polarization  scattering  matrix  . 

The  radar  system's  partial  polarization  matrix  capability  was  flight  tested  at  Eglin  Air  Force  Base 
by  Wright  Laboratory  in  Florida  in  February,  1995.  Polarimetric  performance  was  verified  by 
scattering  data  from  an  in-scene  array  of  corner  reflectors  of  known  reflection  characteristics.  This 
paper  describes  the  polarimetric  calibration  methodology  and  shows  preliminary  flight  test  results, 
including  real-time  radar  scope  displays  as  well  as  synthetic  aperture  ground  map  images. 
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1.0  THE  MULTIFUNCTION,  FLATPLATE  ARRAY  ANTENNA 

1.1  Background 

The  radar  used  on  this  project  is  the  AN/APG-76,  an  airborne  system  which  was  developed  by 
Westinghouse  Norden  Systems.  The  APG-76  antenna  is  a  fully  gimbaled  and  mechanically 
scanned  Ku-band  multiple  aperture  slotted  flatplate  array  comprising  an  elliptical  monopulse 
aperture,  three  azimuth  interferometers  and  a  guard  antenna.  The  full  array  consists  of  60 
'subarrays  whose  short  waveguide  runs  permit  them  to  achieve  a  3%  operating  bandwidth.  The 
pencil  beam  monopulse  pattern  has  elevation  sidelobes  at  -23  dB  and  azimuth  sidelobes  at  -25 
dB  below  the  main  beam  peak.  Gain  in  the  pencil  beam  mode  exceeds  34  dB.  A  shaped  or 
CSC“  beam  mode  is  also  available  with  a  31  dB  maximum  gain.  For  the  experiment  reported 
here,  the  radar  was  nose-mounted  in  a  Gulfstream-II  aircraft  based  at  the  Westinghouse  facility  in 
Baltimore,  Maryland. 

1.2  Modes  of  Operation 

The  multiple  aperture  APG-76  supports  many  modes  of  operation  including  scanning,  spotlight, 
or  strip  map  synthetic  aperture  radar  (SAR)  ground  imaging.  Other  modes  supported  by  the  large 
monopulse  array  pencil  beam  include  long  range  target  location,  monopulse  air-to-air  tracking, 
target  identification  and  track,  terrain  clearance,  and  air-to-ground  ranging.  Both  along-track 
(radial  velocity  measurement)  and  cross-track  (elevation  mapping)  interferometry  are  supported. 
The  alternative  CSC  elevation  pattern  is  generated  by  means  of  a  patented  technique  which  1) 
switches  power  to  only  the  upper  half  of  the  radiating  aperture  and  2)  introduces  a  fixed  phase 
shift  into  the  lowest  row  of  that  half-aperture  [1].  Shaped  beam  operation  facilitates  ground  and 
ship  target  location,  and  has  been  used  in  conjunction  with  the  interferometers  to  generate  wide 
area  topographic  strip  maps  under  an  earlier  program  sponsored  by  ARPA  for  the  U.S. 
ArmyATEC  [2]. 

Power  switching  for  the  shaped  beam  is  accomplished  by  means  of  an  RP  switch  in  the  feed 
manifold  as  shown  in  Figure  1 .  In  the  switch  position  illustrated  here,  transmission  is  through  the 
full  monopulse  sum  aperture.  In  the  other  position,  transmission  is  through  the  upper  half  array 
only.  (Isolation  in  this  switch  has  been  measured  to  be  better  than  -55  dB.)  This  choice  of 
configurations,  used  with  the  polarized  array  described  in  the  following  section,  makes  possible  a 
choice  between  linear  and  circular  polarization  bases.  In  the  polarimetric  system,  however,  the 
phase  shifters  are  disabled  so  both  polarization  types  are  generated  as  a  pencil  beam. 
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Figure  1.  Simplified  Electrical  Schematic  of  Monopulse  Aperture 
2.0  THE  POLARIMETRIC  LENS  CONCEPT 

The  polarimetric  response  of  a  scattering  cell  to  incident  radiation  can  be  a  valuable  input  for 
SAR-based  terrain  cover  analysis  or  automatic  target  classification.  To  obtain  such  data,  polarized 
EiF  energy  is  transmitted  and  the  co-polarized  and  cross-polarized  target  echoes  are  measured 
simultaneously.  In  a  dual  polarization  system,  a  single  polarization  state  is  transmitted.  In  a  fully 
polarimetric  system,  orthogonal  polarization  states  are  transmitted  on  alternate  pulses. 

Until  recently,  polarimetric  SAR  has  been  practical  only  when  separate  antennas  were  employed 
for  the  two  received  polarization  states.  The  configuration  applied  in  this  program  uses  the 
vertically  polarized  APG-76  antenna  described  in  the  preceding  section,  to  which  oppositely- 
sensed,  circularly  polarized  coverings  have  been  installed  on  the  upper  and  lower  half  apertures. 
For  brevity,  we  refer  to  these  coverings  as  lenses  although  they  play  no  role  in  focusing  radiation. 
The  arrangement  is  illustrated  schematically  in  Figure  2,  where  the  RF  switch  is  set  for  upper  half¬ 
aperture  transmission.  Note  that,  for  simplicity,  the  azimuth  difference  receiver  and  associated 
microwave  hybrid  comparators,  shown  in  figure  1,  have  been  deleted  from  figure  2  and 
subsequent  array  apertute  diagrams. 

Together  with  state-of-the-art  radar  control  and  signal  processing  techniques,  this  design  has 
produced  a  variety  of  high  quality  polarimetric  SAR  data.  For  the  first  time,  it  has  been  possible  to 
incorporate  polarimetric  SAR  modes  into  an  airborne  system  that  employs  a  single  slotted 
flatplate  antenna. 
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Vertically  polarized  RF  energy  emitted  from  the  array  slots  impinges  on  the  polarizer  sheet, 
located  approximately  0.5  inches  in  front  of  the  antenna  aperture.  The  radiated  voltage  vector 
Earray  consists  of  two  components  or  legs,  one  parallel  to  the  meanderline  strips,  Eparallel,  and 
one  perpendicular  to  the  meanderline  strips,  Enormal.  As  Enormal  passes  through  the  lens,  it 
undergoes  a  phase  delay,  since  the  lens  acts  as  a  capacitive  reactance  to  this  leg  of  the  RE  signal. 
In  similar  manner,  the  vector  Eparallel  undergoes  a  phase  advance,  since  the  lens  acts  as  an 
inductive  reactance  to  this  leg  of  the  RF  vector. 

The  full  90  degree  phase  differential  between  legs  required  for  circular  polarization  is  not  normally 
achieved  with  a  single  layer.  The  structure  must  be  matched  to  free  space  to  minimize  RF 
reflections.  Consequently,  three  or  more  layers  are  used  in  the  manner  of  spatial  filters,  each  one 
shifting  the  RF  phase  a  fraction  of  the  desired  total.  When  the  90  degree  separation  between 
vector  components  has  been  obtained,  the  hnearly  polarized  energy  becomes  circular  by 
definition. 

2.2  Antenna  Polarization  Modes 

Two  polarization  modes  are  possible  with  the  array  illustrated  in  Figure  2.  With  the  switch  in  the 
position  shown,  RF  energy  is  transmitted  through  the  upper  half  aperture  only.  The  orientation 
selected  for  the  meanderlines  in  the  upper  lens  converts  the  vertically  polarized  energy  emerging 
from  the  array  into  righthand  circularly  polarized  energy  (RCP).  The  lower  lens  converts 
vertically  polarized  energy  to  lefthand  circular  polarization  (LCP),  but  with  the  switch  set  as 
shown  there  is  nominally  no  transmission  through  the  lower  half  aperture.  By  the  principle  of 
reciprocity,  RCP  and  LCP  signals  returning  through  the  upper  and  lower  lenses,  respectively,  are 
converted  back  to  linear  vertical  polarization.  These  orthogonal  returns  may  then  be  routed  to 
separate  receivers  for  detection.  But  any  LCP  and  RCP  returns  at  the  upper  and  lower  lenses, 
respectively,  are  converted  to  horizontal  polarization  and  are  rejected  by  the  waveguide  slots. 

If  the  RF  switch  is  rotated  90  degrees,  the  entire  sum  aperture  radiates;  RCP  is  transmitted  from 
the  upper  lens  and  LCP  from  the  lower  lens.  It  can  be  shown  [6]  [7]  that  when  RF  from  contrary- 
sensed  circularly  polarized  antennas  combines  in  the  far  field,  the  result  is  linearly  polarized 
energy.  The  orientation  of  the  linear  polarization  vector  depends  on  the  phase  relation  between 
the  two  circular  components.  With  the  present  system  design,  on  elevation  boresight  the  net 
polarization  vector  is  vertical.  Off  boresight,  it  is  linear  with  an  orientation  which  varies  slowly 
with  the  elevation  monopulse  phase.  The  combined  vectors  in  the  far  field  are  always  hnearly 
polarized,  even  though  each  half  aperture  is  circularly  polarized.  On  receive,  the  sum  channel  is 
sensitive  to  the  same  polarization  it  has  transmitted.  RF  energy  returned  through  the  Elevation 
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Delta  port  is  also  linear  and  is  always  orthogonally  polarized  relative  to  the  energy  returned 
through  the  Sum  Port. 

2.3  Achieving  a  Full  Polarization  Matrix 

With  the  addition  of  a  second  high  power  RF  switch  as  shown  in  Figure  4,  this  one  capable  of 
switching  at  the  transmitter  pulse  repetition  rate  (PRF),  the  same  antenna  may  achieve  pulse-to- 
pulse  interleave  of  orthogonal  polarization  transmit  states.  In  that  case,  the  full  polarization 
scattering  matrix  could  be  measured.  Switch  1,  the  slow  switch  present  in  the  current  radar, 
would  continue  to  select  between  circular  and  linear  polarization  bases.  Switch  2,  the  fast  switch, 
would  provide  the  pulse-to-pulse  switching  between  orthogonal  transmit  states  in  the  basis  chosen 
by  switch  1.  Details  of  this  design  have  been  discussed  elsewhere  [7], [8], [9]. 


Figure  4.  Simplined  Electrical  Schematic  of  Fully  Polarimetric  Monopulse  Aperture 
3.0  SYSTEM  EVALUATION  AND  CALIBRATION 

A  comprehensive  evaluation  program  was  conducted  which  encompassed  both  laboratory  and 
flight  test  phases.  In  this  section  we  present  the  empirically-determined  performance 
characteristics  of  the  lensed  system,  and  discuss  the  procedures  that  were  used  to  calibrate  the 
polarimetric  SAR  imagery. 

3.1  Range  Test  Results 

The  lens  was  manufactured  and  installed  on  the  APG-76  array  by  Rantec  Corporation  of 
Calabasas,  California.  Pattern  tests  were  conducted  at  Rantec  to  verify  that  the  beam  shape 
continued  to  meet  the  antenna  specifications.  At  Norden  Systems,  extensive  high  voltage  and  real 
beam  isolation  tests  were  carried  out  at  various  frequencies  across  the  radar  pass  band.  In  the 
linear  mode,  isolation  between  sum  and  difference  channels  at  boresight  was  found  to  be 
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excellent,  averaging  —39.1  dB  within  the  high  resolution  field  of  view.  Isolation  between  upper 
and  lower  half  apertures  in  the  circular  mode  averaged  -23.3  dB.  No  high  voltage  transmission 
problems  were  encountered.  Insertion  loss  in  the  lens  was  determined  to  be  less  than  0.2  dB  one 
way. 

3.2  Polarimetric  Calibration  Methodology 

Polarimetric  data  must  be  calibrated  before  they  can  be  applied  to  a  practical  ATR  algorithm  suite. 
Removal  of  polarimetric  crosstalk  and  complex  gain  imbalance  from  the  SAR  imagery  allows  the 
polarimetric  signature  to  be  more  readily  compared  with  the  predictions  of  target  models  and 
makes  the  signature  stable  across  a  set  of  similar  radar  antennas. 

Full  calibration  of  polarimetric  data  requires  measurement  of  the  full  polarimetric  scattering 
matrix.  Calibration  based  on  such  measurements  has  been  thoroughly  discussed  in  the  literature 
(e.g.,  [10]-[14]  for  SAR  systems;  [15]  contains  similar  considerations  for  a  ground-based  radar). 
However,  as  our  radar  transmits  only  a  single  polarization  state  during  a  given  SAR  interval,  we 
are  able  to  measure  only  half  of  the  scattering  matrix  coherently.  Therefore,  we  can  perform  only 
a  partial  calibration.  In  this  section  we  will  outline  the  calibration  method  used  and  discuss  its 
limitations.  Toward  this  end,  we  will  take  the  radar  to  be  operating  with  the  circular  polarization 
basis  selected. 

3.2.1  Restriction  to  Two  Polarimetric  Channels 


In  the  general  (four-channel)  case,  the  polarimetric  signal  at  the  receivers  may  be  written  as 

^  U1  VI  _  Rir  Ril  Srr  Srl  Tri  Tr2  XI  yi 
U2  _R2R  R2lJlSlR  SllJLtLI  TL2J  _X2  y2_ 


where  T  and  R  are  the  transmit  and  receive  system  distortion  matrices,  S  is  the  true  polarimetric 
scattering  matrix  of  the  target  or  clutter  cell,  x  and  y  are  the  polarization  states  transmitted  in  two 
successive  pulses,  represented  in  a  convenient  basis,  and  u  and  v  are  the  corresponding  detected 
returns.  Now  for  the  transmit-receive  basis  let  us  choose  the  two  positions  of  switch  2  in  Figure 
4;  the  two  states  of  this  switch  are  then  represented  by  [1  0]'  and  [0 1]'  .  Nominally  these 

states  are  right-  and  left-handed  circular  or  vertical  and  horizontal  linear  polarization,  depending 
on  the  position  of  switch  1.  The  return  signal  is  then  simply  i)  =  R  S  T  and,  after  R  and  T  have 

been  found,  the  calibrated  result  is  just 

S  =  R  "U  T  (2) 
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and  the  usual  full  polarimetric  calibration  may  be  achieved.  In  the  present  experiment,  however, 
switch  2  is  absent  so  all  pulses  are  in  the  same  state,  x  =  y  =  [  1  0  ]\  Equation  (1)  degenerates  to 


^  = 

U1  U1 

_ 

1 - 

1 _ 

Srr  Srl 

Tri  Tr2 

'1  1  ■ 

U2  U2_ 

LR2R  R2lJ 

_Slr  Sll_ 

_Tli  Tl2_ 

_0  0_ 

or,  rather 


ui 

Rir  Ril 

Srr  Srl 

Tri 

-U2_ 

_R2R  R2L. 

_Slr  Sll_ 

Tli. 

(3) 


in  which  the  right  inverse  T  ^  does  not  exist.  As  a  result,  even  given  R  and  T  we  cannot  solve 
completely  for  S,  as  crosstalk  terms  due  to  Tli  will  remain.  We  may,  however,  remove  the 

errors  due  to  R  and  estimate  the  remaining  errors  due  to  T. 


3.2.2  Experimental  Considerations 


Before  proceeding,  we  make  several  observations  pertaining  to  the  radar  and  to  the  experiment  as 
it  was  performed: 


•  Nominally,  Xi  is  transmitted  through  the  upper  half  aperture  and  is  RCP  with  the 
lens  in  place,  but  in  practice  it  is  mixed  by  Tli  into  a  combination  of  RCP  and 

LCP.  The  crosstalk  can  be  due  both  to  imperfections  in  the  lens  and  to 
incomplete  isolation  in  the  RE  switch  but  we  expect  it  to  be  dominated  by  the 
former;  the  switch  isolation  has  been  measured  to  be  below  -55  dB  while  lab 
and  range  tests  place  the  lens  crosstalk  between  -20  dB  and  -25  dB. 

•  The  co-pol  (RCP)  return  pathway  from  the  lens  to  the  RF  switch  is  identical  to 
the  transmit  pathway,  and  this  path  contains  no  active  elements,  so  crosstalk  in 
this  channel  should  be  the  same  on  transmit  as  on  receive.  As  a  result,  if  the 
gains  are  normalized  so  that  Rir=  Tri  ,  then  we  expect  Ril=  Tli- 


•  The  cross-pol  (LCP)  return  pathway  is  independent  of  the  RCP  transmit 
pathway,  so  there  is  no  neeessary  relation  between  R2r  and  Tr2. 


Eor  the  data  collection  flights,  a  line  of  dihedral  and  trihedral  reflectors  was  laid  out  adjacent  to 
the  target  area,  with  a  spacing  between  reflectors  of  12  m.  All  reflectors  were  within  30  m  of  the 
ground  position  of  the  planned  radar  boresight,  or  between  1 . 1  and  0.4  mrad  off  boresight  at  our 
data  collection  ranges  of  27.5  to  74  km  in  this  experiment.  Corner  reflector  azimuth  alignments 
were  controlled  with  a  precision  of  ±0.1°  to  sighting  stakes  surveyed  by  Optimetrics  Corp.  of 
Dayton,  Ohio.  The  reflectors  were  provided  for  the  occasion  by  MIT  Lincoln  Laboratory,  and 
comprised  one  of  their  two  sets  of  calibration  quality  corner  reflectors.  Both  sets  were  designed 
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for  use  at  Ka-band,  however.  The  APG-76  is  a  Ku-band  radar  and  the  relative  reduction  in  the 
scattering  cross  sectioii  of  the  reflectors,  combined  with  the  long  range  at  which  the  target  area 
was  imaged,  meant  that  the  accuracy  of  the  calibration  was  somewhat  compromised  by  clutter. 
We  will  discuss  this  issue  after  we  examine  the  general  approach  used  for  a  partial  calibration. 

3.2.3  Solution  Method 


Given  the  single  transmitted  state  (RCP),  each  measurement  used  in  the  calibration  is  the  ratio  of 
the  cross-polarized  return  to  the  co-polarized  return  from  a  given  reflector.  The  mathematics  is 
therefore  insensitive  to  an  overall  complex  amplitude,  so  we  may  remove  a  common  factor  from 
all  elements  of  R  and  another  from  T.  We  choose  these  two  factors  to  be  Rir  and  Tri  ,  and 

rewrite  equation  (3)  as 


SI  ^  1  5i  Srr  Srl  1 
sii  [52  f  JLSlr  SllJLei. 


(4) 


where  h  =h  !  (Rir  Tri  ) ,  Si  =  ui  /  (R3 


=  Ril  /  Rir, 


With  this  normalization,  pursuant  to  the  known  transmit-receive  symmetry  in  this  system  as 
described  in  section  3.2.2,  we  have  61  =  8i  so  there  are  only  three  independent  quantities  to  solve 
for:  62  ,  £1  and  f  .  We  therefore  require  three  reflectors  to  calibrate  the  data.  This  rnmimum  set 
was  taken  to  be  a  trihedral,  a  dihedral  with  crease  horizontal  (0  degrees),  and  a  dihedral  with 
crease  rolled  45  degrees  clockwise  about  the  reflector  boresight.  This  choice  supported 
calibration  in  both  the  circular  and  the  linear  polarization  bases  used  in  the  experiment.  In  fact  we 
deployed  a  total  of  five  reflectors,  including  a  dihedral  rolled  45  degrees  counterclockwise  and  a 
redundant  second  trihedral.  The  boresight  axis  of  each  reflector  was  aligned  in  azimuth  and 
elevation  to  the  planned  radar  line  of  sight  at  the  middle  of  each  data  run  (range  53.7  km). 

The  scattering  matrices  for  the  three  reflectors  are  expressed  in  a  circular  basis  as: 

"0  i"|  p“j2o(  Q 

S(tri)  =  S(di)=  ,  (a  =  roll  angle,  j  =V^)  (5) 

[1  OJ  0  - 
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and  this  leads  via  equation  (4)  to  the  measurement  vectors; 

/  r  2e  1  /  r  1-£2]  '  r  2 

>l)(tn)=  i)(0°di)=  ^  ^(±45°di)=±j 

f  +  eSj  |_5  +  £f 

where  to  minimize  the  use  of  subscripts  we  have  denoted  £  =  £|  =  5i  and  6  =  62  .  By  forming 
ratios  of  the  two  components  of  each  measurement  vector,  we  obtain  a  set  of  complex  equations 
in  the  unknown  parameters  5,  £  and  f  .  We  denote  by  |i  the  ratio  of  the  cross-polarized  to  the 
co-polarized  return; 

!a(tri)  =  |iT=^^^,  ^i(0°di)  =  po  ,  |i(±45°di)sp45  (7) 

2e  1-£2  1  +  £2 

The  two  complex  ratios  1I45  are  identical,  so  that  the  five  reflectors  used  in  the  experiment 
provided  redundant  (backup)  information  both  in  the  trihedrals  and  in  the  rolled  dihedrals. 

Equations  (7)  comprise  three  independent  complex  equations  sufficient  to  find  the  three  quantities 
f ,  £  and  5.  By  casting  (7)  in  terms  of  the  three  parameters  6,  £f  and  £^ ,  one  readily  obtains  a 
quadratic  equation  for  £^  and  equations  for  5  and  £f  as  separate  functions  of  £^  .  The 
solutions  reduce  to; 

where  b  =  ^  (8a) 

“  ^*-45 

and 

5  =  ^[£2(p45-4o)+(fl45+l^o)]’  f  (1^45 +  1^0) +  (1^45 -1^0)]  (^b) 

This  solves  the  problem  up  to  the  choices  of  root  for  £“  and  then  £.  The  requirements  l£l  <1.0, 
161  <1.0  reduce  the  selection  to  a  180  °  phase  ambiguity  on  f  and  £ ,  which  is  resolved  by 
assuming  the  phase  of  f  to  be  close  to  0°. 

3.2.4  Properties  of  the  Distortion  Matrix  Solution 

If  the  gains  are  balanced  in  the  two  receiver  channels  then  we  expect;  I  f  I  =  1.0.  (9a) 

If  the  upper  and  lower  lenses  are  electrically  identical  except  for  the  90°  difference  in  orientation 
of  their  meanderlines,  then  we  expect  balanced  crosstalk;  I  £f  I  =151.  (9b) 

The  polarimetric  isolation  of  the  system  is  estimated  by  £  and  5  /  f . 

If  I  £^  I  «  1.0  then  one  can  show  that  relation  (9b)  holds  if  and  only  if; 

1  phase(£f )  -  phase(6)  I  =  I  phase(|io)  -  phase(p45)  1  =  90°  .  (9c) 
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If  relation  (9b)  holds  and  I  e“  I ,  I  85  I  «  1.0  then  approximate  expressions  for  the  magnitudes 
of  the  crosstalk  parameters  are: 


IsfP  =15P 

(9d) 

while  the  gain  imbalance  is: 

Ifl^ 

(9e) 

and  if  (9a)  also  holds  then: 

l^iT  P 

~  fljr  o'"  + 

(9f) 

3.2.5  Residual  Errors  in  the  Partial  Calibration 


The  matrix  product  S'  -  R  ^ 


leaves  crosstalk  errors  of 


order  8.  In  particular,  if  we  remeasure  the  error  ratios  ji  after  calibration  of  the  image,  we 
expect  to  find: 


|J.'t  =  1  /  £  ,  |l'o  =  -8  ,  |l'45  =  £  (10) 


which  are  to  be  compared  with  the  precalibration  ratios  (7).  For  the  general  scatterer  we  expect: 

S'rr  =Srr  +  8Sri,  ,  S'lr  =  Slr  +  £Sll  (H) 


with  the  crosstalk  (error)  terms  arising  in  the  upper  polarizer  lens  during  transmission.  For  small 
8  ,  the  magnitude  of  the  ratio  \l  =  S'lr  /  S'rr  is  bounded  by  11/81  and  I  8  I  for  pure  odd- 

bounce  and  even-bounce  scatterers,  respectively,  and  is  in  the  order  of  unity  for  resolution  cells 
with  general  mixed  properties.  At  high  enough  resolution,  and  given  I  8  I  reasonably  small,  this 
sort  of  behavior  should  be  helpful  for  distinguishing  different  types  of  scattering  centers  on  man¬ 
made  objects,  and  therefore  is  of  potential  benefit  for  automatic  target  recognition.  Note  that  the 
ratio  ii(odd-bounce)  /  p,(even-bounce)  -  1  8^  I  .  If  I  8  I  <  -20  dB,  for  example,  then  the  two  |l 
types  are  separated  by  40  dB  or  more. 

3.3  Polarimetric  Calibration  Results  from  Flight  Data 

Following  laboratory  and  compact  range  tests,  the  array  with  the  polarizing  lenses  installed  was 
mounted  on  the  APG-76  pedestal  in  the  nose  of  a  Gulfstream-II  aircraft  which  is  owned  by 
Westinghouse  Norden  Systems  and  operated  out  of  Baltimore,  Maryland.  The  system  was  flight 
tested  locally  in  February  1995,  imaging  the  Aberdeen  area  and  the  calibration  reflectors  as  set  up 
on  a  Westinghouse  test  range.  It  was  then  flown  to  Eglin  Air  Force  Base,  Florida,  where  the 
reflectors  were  again  installed  and  flight  data  were  collected  against  the  reflectors  and  a  number  of 
interesting  targets.  In  this  section  we  summarize  the  results  of  a  typical  calibration  run. 

To  calibrate  the  data,  a  SAR  image  was  formed  of  the  target  area  in  each  polarization  channel 
when  the  radar  line  of  sight  was  parallel  to  the  corner  reflector  boresight  alignment.  During  the 
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motion  compensation  and  autofocus  processes,  the  same  phase  corrections  were  applied  to  each 
receiver  channel,  both  to  ensure  that  the  images  remained  coregistered  and  to  preserve  the 
polarimetric  phase  relation  between  channels.  Then,  since  the  two  polarimetric  phase  centers 
were  separated  by  their  elevation  monopulse  baseline,  a  range-dependent  phase  offset  was  applied 
to  one  channel  to  compensate  for  the  elevation  monopulse  phase.  For  each  comer  reflector,  the 
brightest  pixel  in  the  channel  of  the  nominal  return  was  identified;  this  was  the  co-polarized 
channel  (RR)  for  the  dihedrals  and  the  cross-polarized  channel  (RL)  for  the  trihedrals.  We  will 
refer  to  this  channel  as  the  direct  channel  in  this  section;  the  other  channel  is  the  error  channel. 
The  complex  amplitude  was  sampled  at  the  same  pixel  in  both  channels,  an  adjustment  was  made 
for  clutter,  and  the  ratio  of  the  adjusted  amplitudes  defined  the  error  ratio  |i  for  that  reflector. 
The  distortion  parameters  were  then  estimated  using  the  equations  of  the  preceding  section,  the 
images  were  calibrated,  and  the  residual  errors  were  checked  against  equations  (10). 

The  accuracy  of  the  calibration  was  restricted  by  the  clutter  content  of  the  images.  For  the  two 
trihedrals  (rated  at  20  dBsm  and  30  dBsm  at  Ka-band),  the  signal  in  the  direct  channel  was  32  dB 
and  42  dB  above  mean  clutter,  respectively.  However,  the  signal  in  the  error  channel  was  only  9 
dB  above  mean  clutter  for  the  smaller  trihedral.  Similarly,  the  dihedrals  were  24-27  dB  above 
clutter  in  the  direct  channel,  but  only  9-13  dB  above  clutter  in  the  error  channel.  The  standard 
deviation  of  the  clutter  in  small  regions  near  the  corner  reflectors  was  typically  2-3  dB  relative  to 
the  region  mean,  while  the  means  of  nearby  regions  varied  over  about  3  dB.  For  all  reflectors 
except  the  larger  trihedral,  the  uncertainty  of  the  clutter  level  was  thus  a  significant  fraction  of  the 
error  signal  itself,  and  the  adjusted  error  signal  level  was  sometimes  in  doubt  by  several  dB. 

Table  1  lists  typical  values  for  )l  =  I  RL  /  RR  I  ,  taken  directly  from  the  clutter-adjusted  data  as 
discussed  above.  (The  order  of  the  reflectors  in  the  table  matches  their  sequence  on  the  ground  in 
12  m  spacing  from  far  range  to  near.)  The  uncertainty  in  the  clutter  estimate  (performed  locally 
near  each  reflector)  may  be  partly  responsible  for  the  2.4  dB  difference  in  the  values  for  jO,  for  the 
±45°  dihedrals.  Ground  clutter  also  contaminates  the  phase  of  p..  This  is  shown  both  by  the  3.4° 
difference  between  phase(p)  for  the  two  ±45°  dihedrals,  and  by  the  fact  that  the  difference 
between  these  phases  and  phase(p)  for  the  0°  dihedral  misses  the  90°  expectation  (eqn.  9c)  by  an 
average  of  5°. 
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p  =  1 RL / RR 1 

phase(  RL  conjg(  RR  ) ) 

1 .  Trihedral  (30  dBsm) 

+  26.3  dB 

+  171.8° 

2.  Dihedral,  -45°  roll 

-  17.6  dB 

-  107.9° 

3.  Dihedral,  0°  roll 

-  12.8  dB 

-  24.2°  1 

1 

4.  Dihedral,  -h45°  roll 

-  14.2  dB 

-110.3° 

I 

5.  Trihedral  (20  dBsm) 

-t  27.0  dB 

+  173.3° 

Table  1.  Sample  Calibration  Inputs 


Table  2  shows  the  calibration  solution  using  the  -45°  dihedral  together  with  the  0°  dihedral  and 
the  larger  trihedral.  The  results  for  £  and  6/f  justify  the  small-value  approximation  made  in  (9b)- 
(9f )  for  the  second-order  terms.  They  are  slightly  better  than  the  real  beam  isolation  estimates 
derived  from  laboratory  and  compact  range  data  for  circular  polarization  (-23.3  dB).  However, 
the  crosstalk  terms  in  Table  2  imply  an  asymmetry  in  the  isolation  between  the  upper  and  lower 
lenses  of  I  6  I  -  I  £f  I  =  0.8  dB.  This  much  asymmetry  does  not  seem  physically  reasonable  given 
the  straightforward  nature  of  the  lens  design  and  fabrication  technology.  In  fact,  it  originates 
mathematically  in  the  6.3°  phase  discrepancy  between  the  dihedral  |i  and  (9c).  (The  large  value 
for  I  f  I  results  from  the  fact  that  the  experimental  configuration  bypassed  paired  attenuators  and 
amplifiers  in  the  monopulse  channels  which  are  normally  used  to  balance  the  gains.) 


Magnitude 

dB  (magnitude) 

Phase 

f 

2.29 

+  7.2  dB 

-  1.1° 

£ 

0.0553 

-25.2  dB 

+  8.2° 

6 

0.138 

-17.2  dB 

+  127.2° 

Table  2.  Sample  Calibration  Outputs  Using  Reflectors  1,  2,  3 
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p=IRL/RRI 

phase(  RL  conjg(  RR  ) ) 

1.  Trihedral  (30  dBsm) 

+  25.1  dB 

-  24.7° 

2.  Dihedral,  ^5°  roll 

-27.0dB 

+  26.3° 

3.  Dihedral,  0°  roll 

-26.1  dB 

+179.2° 

4.  Dihedral,  +45°  roll 

-23.4dB 

+  36.1° 

5.  Trihedral  (20  dBsm) 

+  26.9  dB 

-  2.6° 

Table  3.  Sample  Post-Calibration  Residuals 


Table  3  shows  the  residual  ji  values  at  the  reflectors  after  we  used  this  solution  to  calibrate  the 
complex  SAR  images.  These  are  all  similar  to  the  ideal  residuals  as  constrained  by  £  (eqns.  10), 
although  -  as  with  the  input  data  -  interpretation  of  the  values  is  compromised  by  clutter  in  the 
error  channel.  Also,  we  do  not  expect  complete  adherence  to  (10)  because  the  values  in  Tables  1 
and  2  depart  from  expectations  (eqns.  9b).  Finally,  we  observe  from  Tables  1  and  3  that  the  +45° 
dihedral  responded  to  the  calibration  by  a  similar  amount  to  the  -45°  dihedral  (9.2  dB  vs.  9.4  dB 
change  in  I1X45I );  only  the  latter  was  used  to  obtain  the  calibration  solution. 

To  illustrate  the  degree  of  sensitivity  of  the  calibration  to  errors  in  the  clutter-adjusted  input  {i,  we 
consider  two  alternative  calibrations.  For  the  magnitude  of  |J,45,  alternative  (A)  uses  the  mean  of 
the  ±45°  dihedral  values  in  Table  1  (—15.7  dB).  Alternative  (B)  supposes  that  half  the  power  level 
in  the  adjusted  dihedral  error  channel  is  clutter,  and  therefore  offsets  both  1145  and  po  by  -3  dB. 
In  both  alternatives  we  increase  the  phase  separation  of  P45  and  po  by  6°  so  that  their  difference 
is  close  to  90°  as  expected  from  (9c).  The  results  are  summarized  in  Tables  4  and  5. 


Magnitude 

dB(magnitude) 

Phase 

A  B 

A 

B 

A 

B 

f 

2.41  1.97 

+  7.7 

+  5.9 

+  2.5° 

-  0.47° 

£ 

0.0554  0.0475 

-24.7 

-26.5 

+  11.8° 

+  8.8° 

5 

0.141  0.0934 

-17.0 

-20.6 

+122.9° 

+129.0° 

Table  4.  Sensitivity  of  Calibration  Outputs  to  Corner  Reflector  Data 
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dB(  1  RL  /  RR  1 ) 

phase(  RL  conjg(  RR  ) ) 

A 

B 

A 

B 

1.  Trihedral  (30  dBsm) 

+  24.6 

+  26.3 

-  28.3° 

-25.3° 

2.  Dihedral,  -45°  roll 

-28.4 

-25.7 

+  20.9° 

+  42.1° 

3.  Dihedral,  0°  roll 

-26.0 

-22.7 

+178.3° 

+168.2° 

1  4.  Dihedral,  -i-45°  roll 

1 

-  24.5 

-21.7 

+  31.6° 

+  48.1° 

5.  Trihedral  (20  dBsm) 

+  26.4 

+  28.1 

-  6.2° 

-  3.1° 

Table  5.  Sensitivity  of  Calibration  Residuals  to  Corner  Reflector  Data 


The  alternative  results  (B)  seem  to  be  unlikely  because  the  relative  phase  of  the  ILI45  and  po 
residuals  should  be  near  180°.  There  is  httle  basis  for  preference  between  (A)  and  the  nominal 
results  in  Tables  2  and  3. 

From  the  standpoint  of  ATR  applications,  the  key  result  here  is  that,  even  beginning  with  clutter- 
contaminated  data  which  were  also  strained  by  a  severe  gain  imbalance  due  to  a  hardware  fault,  it 
was  possible  to  calibrate  two-channel  polarimetric  data  well  enough  to  separate  dihedral-like 
from  trihedral-like  scatterers  by  48  dB  to  54  dB,  which  is  to  say,  at  least  by  order  I  8“^  I  .  This 
represents  about  a  10  dB  improvement  over  the  uncalibrated  data.  To  the  extent  that  man-made 
objects  can  be  characterized  by  their  distributions  of  even-  and  odd-bounce  scattering  centers, 
these  results  suggest  that  a  dual  polarimetric  system  based  on  a  meanderline  lens  has  sufficient 
isolation  to  provide  useful  inputs  to  the  target  classification  process. 

Uncertainty  in  the  clutter  content  of  the  pixels  containing  the  corner  reflectors  does  mean  that  the 
calibration  solution  is  imprecise.  However,  ~50  dB  separation  of  the  even-  and  odd-bounce 
scatterers  persists  over  a  significant  range  of  possible  calibration  solutions.  Furthermore,  the 
small  clutter  regions  near  the  five  reflectors  had  calibrated  ratios  |l  near  -5  dB,  so  that  separation 
of  both  reflector  types  from  nearby  mean  clutter  was  -20  dB  purely  on  the  basis  of  |i  without 
regard  to  total  power.  Thus,  a  lensed  radar  may  also  be  useful  at  the  target  detection  stage  of  an 
ATR  algorithm  suite. 
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4.0  EXAMPLE  IMAGES 


This  section  presents  sample  SAR  imagery  in  the  two  polarimetric  channels,  and  photographs  of 
some  of  the  ground  environment  in  the  target  area.  In  all  radar  images,  the  line  of  sight  is  from 
bottom  to  top. 

Figure  5  shows  the  ^5°  triangular  dihedral,  with  the  30  dBsm  trihedral  in  the  background. 
Ground  clutter  consists  of  dry  powder/clay  with  sparse  dry  grass  and  similar  vegetation.  Figure  6 
pictures  the  long  vehicle  which  is  parked  parallel  to  the  road  in  the  radar  images.  It  has  been 
decorated  with  scatterers  of  various  shapes  to  provide  a  particularly  interesting  target. 

Figure  7  is  a  frame  grabbed  from  the  video  playback  of  the  realtime  radar  display.  This  image  was 
processed  from  circular  cross-polar  (RL)  data  collected  at  a  range  of  77.8  km.  The  pixel  size  is  3 
ft  X  3  ft.  The  two  calibration  trihedrals  form  a  vertical  pair  just  to  the  right  of  the  cross.  The  three 
dihedrals  lie  along  the  line  joining  the  trihedrals,  but  are  not  visible  in  this  polarization  channel  at 
this  range.  The  three  bright  scatterers  in  a  vertical  line  to  the  right  of  the  calibration  trihedrals  are 
additional  trihedrals  placed  by  Optimetrics  Corp.  The  vehicle  shown  in  Figure  6  appears  to  the 
right  of  the  lowest  Optimetrics  trihedral. 

Figure  8  is  a  composite  of  four  images,  showing  the  target  area  in  RR,  RL,  VV,  and  VH 
polarimetric  channels.  (The  linear  and  circular  polarization  scenes  were  recorded  on  separate 
passes  by  the  target  area.)  All  four  images  were  processed  to  3  ft  square  pixels. 

5.0  SUMMARY  AND  CONCLUSIONS 

Meanderline  polarizing  lenses  developed  by  Westinghouse  Norden  Systems  have  been  installed  on 
an  AN/APG-76  antenna  array.  Following  laboratory  and  flight  tests,  the  capabilities  of  this  dual- 
polarimetric  system  were  exercised  in  an  Air  Force  Wright  Laboratory  data  collection  flight  at 
Eglin  AFB.  We  have  calibrated  the  polarimetric  SAR  imagery  to  the  extent  allowed  by  the  two- 
channel  data.  The  calibration  solution  obtained  from  the  SAR  data  suggests  that  the  polarimetric 
isolation  of  this  system  is  near  -24  dB  to  -25  dB  in  the  circular  polarization  mode.  This  result 
corroborates  earlier  ground-based  (real  beam)  tests  which  found  an  average  isolation  of  -23.3  dB 
over  a  limited  set  of  field  positions  and  frequencies. 

It  has  been  found  that,  given  a  lensed  system  with  reasonable  polarimetric  purity  (isolation),  one 
can  calibrate  the  imagery  well  enough  to  achieve  separation  of  even-  and  odd-bounce  scatterers 
by  order  I  e““  i  where  e  characterizes  the  isolation,  even  when  the  error  channel  target  returns  are 
uncertain  by  several  dB  due  to  clutter.  For  the  lensed  APG-76,  this  separation  exceeds  +45  dB. 
It  is  suggested  that  this  capability,  exercised  at  ranges  in  excess  of  50  km,  is  potentially  useful  in 
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Figure  5.  Dihedral  on  Tripod  at  Figure  7.  Real-time  3  x  3  ft  Image  of  Target 

Eglin  AFB  Test  Range  Area  from  APG-76  Display 


Figure  6.  "Decorated"  Target  Vehicle  at  Eglin  AFB  Test  Range 
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Figure  8.  APG-76  Multi-Polarimetric  Imagery  of  Eglln  AFB  Target  Area  (3x3  ft  resolution,  degraded  from  1x1  ft) 


feature-based  ATR  in  a  tactical  environment.  Work  is  ongoing  to  analyze  significant  amounts  of 
data  for  the  dual  polarimetric  responses  of  several  vehicle  types  under  these  conditions. 
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MEASUREMENT  OF  ISOLATION  BETWEEN  TWO  ELLIPTICALLY 
POLARIZED  ANTENNAS 


H.  Shnitkin  &  D.  Collier 
Westinghouse  Norden  Systems 
Norwalk,  CT 


ABSTRACT : 

This  paper  presents  the  technical  analysis  and  the  measurement 
technique  for  isolation  measurement  between  two  elliptically  polarized  antennas 
in  support  of  the  companion  paper,  entitled  "  Addition  of  a  Polarimetric 
Capabiiityto  a  Tactical  SAR  System "  by  D.Collier,  M.Greenspan,  L.Orwig  and 
H. Shnitkin.  An  equivalent  circuit  of  a  two-antenna  system  is  presented  together 
with  a  derivation  of  input/output  transfer  coupling,  using  S-parameter  analysis. 
The  concluding  coupling  equation  is  a  function  of :  (1)  sense  of  rotation,  (2) 
major  axis  orientation  and  (3)  ellipticity  of  both  transmit  and  receive  antennas. 

A  computer  program  and  table  of  typical  transfer  coupling  values  are  included. 
Subsequently,  a  definition  of  antenna  orthogonality  is  presented  and  justified. 
Finally,  the  methods  for  measuring  the  above  three  parameters  of  the  transmit 
and  receive  polarization  ellipses  are  detailed  and  measured  sample  data  is 
compared  to  computed  sample  data  to  demonstrate  the  antenna  system 
isolation. 


PURPOSE 

Some  of  the  latest  radars  are  attempting  to  improve  their  target  signature 
information  by  the  use  of  both,  right-hand  circular  and  left-hand  circular, 
polarized  antennas.  A  companion  paper  (  by  D.Collier  et  al )  addresses  this 
circular  polarization  /  target  recognition  technique  and  furthermore  explains  that 
the  quality  of  target  recognition  depends  upon  the  ability  to  accurately  control 
and  measure  the  polarization  parameters  of  these  radar  antennas.  For  best 
target  recognition  performance,  the  two  radar  antennas  used  should  possess 
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orthogonal  polarizations  in  order  to  obtain  the  needed  isolation  .  Since,  in 
practice,  all  C.P.  antennas  possess  small  errors  in  symmetry,  which  results  in 
elliptical  polarization,  this  paper  presents  an  analysis  and  measurement 
technique  for  evaluating  the  isolation  between  two  elliptically  polarized 
antennas. 

THE  PROBLEM 

It  is  easy  to  recognize  that  maximum  coupling  between  two  elliptically 
polarized  antennas  occurs  when  they  both  possess  the  same  sense  of  rotation, 
the  same  axial  ratio,  and  the  same  orientation  of  the  major  axis  of  the 
polarization  ellipse.  Not  so  obvious  is  the  condition  of  maximum  isolation  ( or 
no  coupling )  between  the  two  antennas,  which  is  also  called  orthogonality. 

The  problem  to  be  addressed  here  is  how  to  measure  the  two  antennas  and 
how  to  compute  their  degree  of  isolation  ( or  orthogonality )  in  order  to  predict 
the  resulting  effect  on  the  quality  of  radar  target  recognition  . 

EQUIVALENT  CIRCUIT 

An  equivalent  circuit  model  is  the  preferred  approach  to  the  full 
understanding  of  the  coupling  between  two  elliptically  polarized  antennas.  Each 
antenna  is  represented  by  a  90-degree  phase  type  of  directional  coupler  with 
arbitrary  coupling  value,  with  one  coupler  output  connected  to  a  vertically 
( linear )  polarized  antenna  and  the  other  to  a  horizontally  polarized  one.  These 
are  shown  in  Figure  1  . 
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Figure  1  ,  Equivalent  Circuit  of  Two  Elliptically  Polarized  Antennas 


Antenna  1,  on  the  left,  is  oriented  in  the  X-Y  coordinate  system,  while  antenna 
2,  on  the  right,  is  at  an  inclined  angle  in  the  U-V  coordinate  system. 
Furthermore,  the  positive  X-axis  forms  an  angle  a  with  the  positive  U-axis,  as 
shown  in  Figure  2. 
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The  circuit  configuration  for  antenna  1,  as  shown  in  Figure  1,  yields  an 
elliptical  polarization  with  an  axial  ratio  of  volts  and  the  major  axis  of  the 
polarization  ellipse  in  the  Y-direction,  since  volts  are  delivered  to  the  Ey 
antenna  and  one  volt  to  the  antenna.  Similarly,  for  antenna  2  ,  the  axial 
ratio  is  R2  volts  and  the  major  axis  is  in  the  V-direction.  If  both  antennas  are  of 
the  same  sense  of  rotation,  the  -90-degree  phase  to  E^  applies;  for  opposite 
sense  of  rotation,  the  +90-degree  applies.  The  above  can  be  demonstrated  for 
the  case  of  a  =  0  and  circular  polarization  (  R^  =  R2  =  1 )  by  comparing  the 
total  transmission  phase  through  the  upper  branch  to  that  through  the  lower 
branch  in  Figure  1.  Because  +90-phase  of  antenna  2  produces  a  180-degree 
total  phase  through  the  lower  branch,  compared  to  zero  phase  through  the 
upper  branch,  the  coupled  signal  through  the  upper  branch  will  cancel  that 
through  the  lower  branch  and  thus  produce  isolation  ! 

S-PARAWIETER  DERIVATION 

For  the  purpose  of  deriving  S-parameters,  the  equivalent  circuit  of 
Figure  1  is  subdivided  into  three  sections,  namely  antenna  1,  conversion  from 
the  X-Y  to  the  U-V  coordinates,  and  antenna  2.  These  are  now  designated  as 
SI,  SC,  and  S2,  respectively,  as  shown  in  Figure  3. 
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Figure  3  ,  S  -  Parameter  Block  Diagram 

The  complex  transfer  S-parameters  for  these  three  cascaded  and 
assumed  to  be  loss-less  networks  of  Figure  3  can  now  be  evaluated.  The 
results  are  tabulated  below. 

TABLE  1,  Transfer  S-Parameters  of  Two-Antenna  System 


S1..X 

=  Ri  /  +1 

SCg  4  - 

COS  a 

Sl3,l 

=  j/^Rj  +1 

SC, ,4  = 

sin  a 

SCg  5  = 

-  sin  a 

sc, ,5  = 

cos  a 

,S 

=  R^  /  ^Rl  +1 

S2jo., 

=  -i/^Rl  +1 

( same  sense  of  rotation  ) 

S  2  JO  3  =  j  /  y/Rl  +1  (  opposite  sense  of  rotation  ) 


Using  the  coordinate  axes  diagram  of  Figure  2.  the  SC  network  parameters 
above  can  be  verified  with  equations  [1]  and  [2],  as  shown. 


Ey  =  Ex  sin  a  + 

Ey  cos  a 

[1] 

Ejj  =  Ex  cos  a  - 

Ey  sin  a 

[2] 
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Now  the  total  voltage  transfer  characteristic  of  the  combined  three 
networks,  namely,  S^q  ^  ,  can  be  computed.  For  this  purpose  the  same  sense  of 
rotation  of  the  polarization  vector  was  assumed  for  both,  the  left  and  the  right 
antennas.  Considering  the  four  possible  signal  paths  ,  the  combined  transfer 
function  is : 


SlO.1  =(S2,i)(S,,4)(S,„,s)  +(S,.x)(S4,,)(S,o,,)  +(S3,j)(S,,5)(S,«.,)  +(S3,,)(S,,5)(S,,,3) 


Substituting  the  appropriate  values  from  Table  1  ,  yields  [3] 

Same  sense  : 

S,o,i  =  [(^1^2  +l)cosa  +j-  (Rj  +R3)sina]  [4] 


This  results  in  a  power  coupling  factor  of 

"(Rj  +l)Vr+l)  +l)'cos"a  +(R,  +R2)'sin"a] 

Opposite  sense  : 

+1  '  -Dcosa  +j-  (Ri  -R3)sma] 

This  results  in  a  power  coupling  factor  of 
"(R^  +l)iRl  +1)' 


[5] 

[6] 

[7] 


For  the  same  sense  [of  rotation]  maximum  coupling  is  achieved  if  the  two 
antennas  possess  equal  axial  ratio  and  the  major  axes  of  their  polarization 
ellipses  are  co-linear.  This  can  now  be  proven  with  equation  [5];  the  first 
condition  makes  =  R2  ,  while  the  second  makes  a  =  0  .  Substituting  these 
relations  in  equation  [5]  yields  P^,  .,  =1.0  or  100  %  coupling. 
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VERIFICATION  OF  THE  ORTHOGONALITY  CRITERION 


Two  elliptically  polarized  antennas  are  considered  orthogonal,  i.e.,  they 
are  completely  decoupled,  if  the  following  three  conditions  are  met : 

1.  Their  sense  of  rotation  must  be  opposite. 

2.  Their  axial  ratios  must  be  equal. 

3.  The  major  axes  of  their  polarization  ellipses  must  be  orthogonal. 

This  can  now  be  proven  through  equation  [7] ,  when  R.,  =  R2  and  when 
a  =  90  degrees.  This  causes  cos  a  =  0  and  (  R.,  -  R2 )  =  0  ,  thus  forcing 
P.,g.,  to  be  zero.  [  NO  coupling  I  ] 

COMPUTATIONS 

By  means  of  a  simple  computer  program  written  around  equations  [5] 
and  [7] ,  a  set  of  possible  polarizations  have  been  evaluated  for  their 
orthogonality  or  lack  thereof .  The  computed  results  ,  shown  in  Table  2  ,  show 
that  only  a  small  discrepancy  between  the  axial  ratios  of  the  two  antennas  or  a 
minor  deviation  of  a  from  the  90-degree  value  causes  isolation  to  fall  above  the 
-30  dB  value.  For  most  practical  conditions,  however,  -20  dB  of  isolation 
appears  achievable. 
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TABLE  2  ,  Sample  Coupling  Computations  between  Two  Antennas 


Axial  Ratio  1 

Axial  Ratio  2 

Anole  Between  Axes 

Sense 

Msmanm 

OdB 

1  dB 

90  deg. 

opposite 

-24.8  dB 

1  dB 

2dB 

90  deg. 

opposite 

-24.9  dB 

1  dB 

1  dB 

90  deg. 

opposite 

-24.8  dB 

3dB 

3dB 

90  deg. 

opposite 

-80.3  dB 

1  dB 

1  dB 

70  deg. 

opposite 

-28.1  dB 

1  dB 

3  dB 

70  deg. 

opposite 

-17.7  dB 

1  dB 

1  dB 

50  deg. 

opposite 

-22.7  dB 

1  dB 

2dB 

50  deg. 

opposite 

-18.6  dB 

2  dB 

2  dB 

50  deg. 

opposite 

-16.7  dB 

1  dB 

3dB 

50  deg. 

opposite 

-15.5  dB 

3  dB 

3dB 

90  deg. 

opposite 

-  0.3  dB 

OdB 

2  dB 

30  deg. 

same 

-  0.1  dB 

3dB 

3dB 

50  deg. 

same 

-  0.3  dB 

3dB 

3dB 

90  deg. 

same 

-  0.5  dB 

MEASUREMENTS 

Before  equation  [7]  can  be  used  to  predict  antenna  coupling  ( or 
isolation  )  between  two  actual  antennas,  their  axial  ratios,  their  major  axis 
orientation  angles  and  their  sense  of  circularity  must  first  be  measured.  The  first 
two  parameters  are  most  easily  ascertained  on  an  antenna  range  with  a  rotating 
horn  as  the  transmitting  source.  Axial  ratio  measurement  simply  requires  a 
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minimum  and  a  maximum  signal  measurement  while  rotating  the  above  horn. 
However,  the  major  axis  orientation  is  most  accurately  determined  by  measuring 
two  angular  orientations  at  about  45  degrees  on  both  sides  of  the  major  axis 
angle  ,  which  produce  equal  received  signals;  then  compute  the  angle  half-way 
between  these  two  orientation  angles.  In  other  words,  the  major  axis  angle  is 
the  angle  bi-sector  of  the  two  measured  angles.  The  difference  between  the 
two  major  axis  orientation  angles  of  the  fwo  antennas  is  the  angle  a .  Finally, 
for  determining  the  sense  of  rotation  one  must  either  transmit  using  a  C.P. 
antenna  or  physically  examine  the  antenna  design  for  clues  . 

Actual  measurements  were  performed  on  a  radar  antenna,  whose 
aperture  was  equally  divided  between  right-hand  and  left-hand  circular 
polarization.  Isolation  was  predicted  for  various  azimuth  and  elevation  angles 
within  the  main  beam,  using  range  measurements  of  axial  ratio  and  ellipse 
orientation.  These  results  are  shown  in  Table  3. 


TABLE  3  ,  Predicted  Isolation  Between  LHCP  &  RHCP  Radar 

Antenna  From  Measurements 


E  L  E  V  A  T  I  O  N 


AZIMUTH 

-2  cfea 

-0.7  deq. 

-1  deg 

-23.3  dB 

-24.5  dB 

0  deg 

-20.3  dB 

-19.9  dB 

+1  deg 

-24.4  dB 

-20.1  dB 

0  deq. 

+0.7  deq. 

+2  deq. 

-22.5  dB 

-23.2  dB 

-24.8  dB 

-24.3  dB 

-31.4  dB 

-26.5  dB 

-17.3  dB 

-19.4  dB 

-19.4  dB 
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ABSTRACT 


This  paper  will  discuss  a  unique  and  extremely  accurate  phase  alignment 
procedure  for  ultra  low  sidelobe,  slotted  waveguide,  single  axis  scanned  phased 
arrays.  The  procedure  is  not  only  very  accurate,  but  can  be  performed  without 
removing  the  antenna  in  question  or  it’s  radome  from  their  operational  platform, 
which  saves  significant  time  and  money  in  general  periodic  antenna  performance 
"tune-ups"  and  mid  life  antenna  system  refurbishments  and/or  performance 
upgrades. 
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INTRODUCTION 


The  Phase  Alignment  Procedure  was  conceived  and  successfully 
implemented  on  an  array  of  28  horizontally  running  slotted  waveguide  radiators. 
Each  of  which  were  many  wavelengths  in  extent,  and  which  were  manifolded  and 
electrically  scanned  in  the  elevation  plane.  However,  the  procedure  has  the 
flexibility  to  be  employed  on  other  array  antenna  types  including  fixed  beam  and 
two  axis  scanned  phased  arrays. 

The  Phase  Alignment  Procedure  discussed  herein  employs  a  matched 
stripline  probe  assembly  to  sample  a  very  small  part  of  the  energy  from  each  of 
the  slots  whose  phase  is  being  measured  and  subsequently  aligned. 

The  combination  of  minimum  aperture  field  dismrbance  and  phase  data 
averaging  to  counteract  the  effects  of  measurement  noise  and  manufacturing 
tolerance  induced  phase  errors  results  in  a  phase  alignment  procedure  which  is 
extremely  accurate  and  economical  in  terms  of  depot  level  equipment 
maintenance. 

TECHNICAT.  DISCUSSION 

The  use  of  an  aperture  coupled  probe  to  tune  a  low  sidelobe  waveguide 
slotted  array  evolved  from  a  task  on  a  Westinghouse  antenna  problem  in  which 
it  was  desired  to  perform  a  mid-life  performance  check  on  the  anteima  while  the 
antenna  was  installed  on  its  platform  aircraft  with  the  radome  in  place.  The 
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specific  information  which  was  desired  for  the  performance  check  was  the 
scanned  plan  phase  flatness. 

Given  the  imposed  restrictions  described  above,  the  use  of  a  far  field 
range  or  a  compact  range  was  not  possible  since  any  relative  phase  data  obtained 
on  the  radiating  elements  in  question  would  be  degraded  by  the  presence  of  the 
radome  and  the  effect  of  multipath  produced  by  the  surrounding  environment. 

The  inability  to  employ  conventional  antenna  range  procedures  for  the 
aperture  phase  flamess  check  motivated  Westinghouse  engineers  to  investigate 
aperture  probing  techniques  as  a  way  to  measure  the  flatness  of  the  scan  plane 
aperture  phase.  Aperture  phase  probing  techniques  which  scanned  a  plane 
directly  in  front  of  an  parallel  to  the  aperture  where  quickly  ruled  out  because  of 
position  registration  difficulties.  This  left  directly  coupled  aperture  probe 
techniques  as  the  remaining  viable  alternative  for  investigation. 

Several  directly  coupled  aperture  phase  sensing  probes  were  investigated. 
The  first  was  a  waveguide  cap  which  fit  over  the  center  slot  of  the  slotted 
waveguide  radiator  whose  phase  was  being  measured.  The  array  geometry  of  the 
antenna  being  measured  is  shown  in  Figure  1  and  the  waveguide  slot  cap  probe 
is  show  in  Figure  2. 

It  was  found  that  the  waveguide  cap  probe  took  an  extremely  long  time  to 
move  around  the  aperture  in  the  process  of  measuring  the  required  phases  and 
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that,  in  order  to  obtain  repeatable  measurements,  that  the  cap  had  to  be  mounted 
to  the  array  face  in  such  a  way  that  permanent  deformation  of  the  antenna  in  the 
location  of  the  cap  attachment  points  was  incurred.  In  addition  to  the  foregoing, 
the  effect  of  the  waveguide  cap  probe  on  mumal  coupling  among  the  slot  being 
measured  and  neighboring  slots  was  a  concern.  All  factors  considered,  the 
waveguide  cap  probe  was  finally  eliminated  as  a  candidate  for  all  the  foregoing 
reasons. 

The  most  promising  probe  configuration  and  the  one  which  was  finally 
selected  for  the  phase  measurement  task  was  a  stripline  probe  which  was  directly 
coupled  to  the  slot  being  measured.  This  configuration  is  shown  in  Figure  3. 
The  advantages  of  this  configuration  were  that  the  probe  could  be  "lightly" 
coupled  to  the  slot  being  measured  by  tapping  off  energy  from  the  slot  in  a  region 
where  the  fields  are  minimal,  thus  causing  minimal  perturbation  to  the  slot 
radiation  characteristics  during  the  phase  measurement.  Furthermore,  the  probe 
and  the  coax  transmission  line  connecting  the  probe  and  the  network  analyzer 
used  to  measure  radiator  phases  could  be  tucked  between  radiators  in  such  a  way 
as  to  minimize  mutual  coupling  perturbations  due  to  R.  F.  scattering  from  the 
probe  structure. 

During  the  mid-life  aperture  phase  checkout,  it  was  recognized  that  the 
phase  measurement  procedure  discussed  above  could  easily  be  extended  to  be 
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used  as  a  on  aircraft  phase  alignment  procedure  as  well. 

The  phase  alignment  procedure,  using  the  stripline  probe  of  Figure  3, 
needed  a  number  of  refinements  before  it  was  optimized  to  the  point  where  it  was 
accurate  enough  to  be  used  to  tune  phase  well  enough  to  obtain  very  low  scan 
plane  sidelobes. 

In  order  to  obtain  maximum  power  transfer  between  the  probe  and  a 
radiating  slot,  it  was  necessary  to  tune  the  probe  in  the  presence  of  the  slot  being 
measured.  This  was  done  by  judiciously  trimming  a  stripline  matching  circuit, 
which  was  part  of  the  transmission  line  feeding  the  probe,  until  a  match  of  better 
than  1.25:1  was  obtained.  This  was  a  one  time  operation.  Details  of  the 
matching  are  shown  in  Figure  4  and  a  photograph  of  the  prohe  shown  in 
Figure  5. 

It  was  also  found  (see  Figure  6)  that  the  coax  transmission  line  feeding  the 
probe  through  a  channel  between  two  slotted  sticks  required  mode  suppressors  to 
avoid  exciting  spurious  TEM  through  modes  between  the  sticks  when  the  feeding 
transmission  line  was  present.  The  mode  suppressors  simply  shorted  the  feeding 
transmission  line  to  waveguide  walls  of  the  stick  channels  and  were  moved  with 
the  feed  transmission  line/probe  combination  as  each  stick  was  measured. 

The  problem  of  mechanically  registering  the  probe  at  the  same  distance 
from  the  array  face  for  each  slot  phase  measurement  was  solved  by  providing 
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teflon  self  locating  buttons  (see  Figures  4  and  5)  which  provided  "X"  and  "Y" 
registrations  (see  Figure  7)  and  a  fiberglass  stop  on  the  probe  (Figure  8)  which 
provided  "Z"  direction  registration.  This  feature  of  the  probe  was  extremely 
crucial  to  the  success  of  the  phase  alignment  scheme  since  it  gave  probe  location 
repeatability  with  a  tolerance  that  was  equivalent  to  fractions  of  a  degree.  Figure 
9  shows  a  complete  view  of  an  array  face,  probe  and  feeding  transmission  line. 
Figure  6  also  shows  details  of  the  coax  mode  suppression  devices. 

Figure  10  shows  a  block  diagram  of  the  antenna  phase  alignment  test 
equipment  setup. 

Originally,  phase  measurements  were  made  at  only  one  slot  on  each  of  the 
slotted  waveguide  radiating  elements.  Measurement  accuracy  and  repeatability 
were  found  to  be  unsatisfactory.  Since  each  slotted  waveguide  radiator  had  at 
lease  84  slots  and  in  most  cases  many  more  than  this,  it  was  decided  to  measure 
more  slots  on  each  stick  in  order  to  obtain  more  measurement  accuracy  via  data 
averaging.  It  was  found  that  for  the  center  sticks  of  the  array  that  measuring  20 
slots  and  averaging  the  data  to  obtain  results  gave  the  same  performance  as 
obtained  for  thirty  slots  per  stick  averaging  and  slightly  better  results  than  for  ten 
slots  per  stick  phase  data  averaging.  From  that  point  on  data  was  taken  on  twenty 
slots  per  stick  for  the  array  ten  center  sticks.  Since  there  was  an  amplitude  taper 
in  the  scan  plane,  for  sticks  outside  the  ten  center  stick  area,  ten  slot  averaging 
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Figure  7 

Array  Coordinate  System 
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Figure  8 

Probe  and  Position  Registration  Details 
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was  employed  since  phase  errors  on  these  outer  sticks  did  not  affect  the  antenna 

pattern  as  much  as  the  center  sticks. 

Phase  measurements  taken  on  the  array  in  question  produced  the  relative 
values  shown  in  Figure  11.  These  were  values  measured  on  an  already  tuned 
array  so  that  by  further  adjusting  these  values  by  mning  the  array  electronic  phase 
shifters,  the  tester  would  have  extended  the  measurement  process  to  an  even  more 
accurate  tuning  process.  The  pattern  associated  with  the  aperture  distribution 
phases  of  Figure  11  is  shown  in  Figure  12.  The  theoretical  pattern  of  the 
measured  antenna  is  shown  in  Figure  13.  A  pattern  of  the  same  antenna  taken 
on  a  far  field  range  is  shown  in  Figure  14.  The  quality  of  the  pattern  of  Figure 
12  demonstrates  that  the  "On  Aircraft"  tuning  procedure  provides  an  excellent 
method  of  phase  tuning  or  checking  the  aperture  phase  of  a  low  sidelobe  antenna 
in  the  field  and  in  the  presence  of  its  radome. 

Amplitude  errors  are  not  included  in  the  computed  pattern  of  Figure  12 
since  they  could  not  be  adjusted  during  the  process  in  question  and  it  can  be  seen 
that  the  computed  pattern  of  Figure  12  and  the  measured  pattern  of  Figure  14  are 
very  similar  in  terms  in  performance.  This  was  to  be  expected  due  to  the 
extremely  accurate  mechanical  tolerances  obtained  in  the  numerically  controlled 
machining  of  the  antenna  feed  network  couplers  which  allow  very  tight  tolerance 
control  of  feed  network  amplitude  tolerances  (on  the  order  of  .05  dB  RMS). 
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STICK  NO. 

1 

2 

3 

4 

5 

6 

7 

8 

9 

10 
11 
12 

13 

14 


MEASURED 
PHASE  IDEG.l 


-9.41* 

-9.41* 

-9.41 

-7.51 

-7.51 

-6.42 

-6.09 

-3.14 

-3.81 

-3.00 

-2.60 

-1.28 

-1.98 

0.00 


STICK  NUMBER 

15 

16 

17 

18 

19 

20 
21 
22 

23 

24 

25 

26 

27 

28 


MEASURED 
PHASE  (DEG.l 

-0.01 

0.91 

-0.02 

-0.30 

0.06 

-1.10 

-1.92 

-1.65 

-3.12 

-4.33 

-4.80 

-6.25 

-6.25* 

-6.25* 


Figure  11 

Measured  Aperture  Distribution  Phases 
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28  ELEMENT  LINEAR  ARRAV  PATTERN 
ELEVATION  PATTERN 

MEASURED  PATTERN  FINAL  PHASE  ERRORS 

COS(THETA)»»2  ELEMENT  FACTOR 


UNITS  IN  THETA 


Figure  12 

Computed  Pattern  Using 
Phases  from  Figure  11 
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28  ELEMENT  LINEAR  ARRA'i’  PATTERN 
ELEUATION  PATTERN 

THEORETICAL  PATTERN  NO  PHASE  ERRORS 

COS(THETA)^«t2  ELEMENT  FACTOR 


Figure  13 

Theoretical  Array  Pattern 
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CONCLUSION 


The  foregoing  discussion  provides  a  detailed  outline  of  an  extremely 
accurate  array  aperture  phase  alignment  procedure  which  was  derived  from  an 
accurate  aperture  phase  measurement  procedure  on  a  single  axis  scan  low  sidelobe 
phased  array.  The  procedure  allows  the  phase  tuning  to  be  done  on  the  associated 
platform  with  radome  in  place.  This  last  feature  saves  significant  time  and  money 
by  virtue  of  providing  the  maintenance  flexibility  to  virtually  allow  flight 
line/forward  deployment  "Depot"  antenna  performance  update  and/or 
refurbishment  capability.  The  procedure,  however  is  not  restricted  to  single  axis 
scan  antenna  arrays  but  can  be  just  as  useful  for  fixed  beam  arrays  or  two  axis 
electronically  scanned  arrays. 
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ABSTRACT 


This  paper  will  discuss  the  performance  of  an  E-3A  Antenna  type  transmit 
elevation  feed  network  (manifold)  in  the  presence  of  mismatched  phase  shifters 
and  mismatched  fourth  port  terminations.  The  effect  of  these  mismatches  on  the 
elevation  pattern  performance  and  the  amount  of  spurious  power  delivered  to 
transmit  feed  network  "isolated"  ports  will  be  evaluated. 
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INTRODUCTION 


In  designing  the  E-3A  Antenna  Elevation  Manifold  (feed  network), 
matched  radiating  elements  are  assumed.  This  is  done  because  of  the  lack  of  any 
"A  Priori"  knowledge  of  the  actual  radiator  input  admittance  and  because  it  has 
been  found,  in  practice,  that  the  antenna  gain  and  pattern  performance  results 
obtained  in  this  manner  have  been  more  than  satisfactory. 

However,  when  the  question  of  manifold  power  handling  is  addressed,  it 
is  important  to  know  how  the  power  is  distributed  to  the  various  components 
which  comprise  the  manifold  assembly  in  order  to  assess  predicted  component 
average  power  induced  overheating  conditions,  if  any.  This  can  be  accomplished 
by  a  computer  aided  analysis  of  the  manifold  assembly  which  includes  the  effects 
of  feed  network  component  mismatch,  and  hence  mutual  coupling,  among  the 
various  feed  network  components.  The  analysis  determines  not  only  the  actual 
power  delivered  to  the  radiating  aperture  of  the  antenna,  but  also  the  error  power 
present  at  any  "fourth  fort"  termination  in  the  manifold  assembly  due  to  tolerance 
induced  manifold  circuit  imbalances  and  finite  component  reflections.  Recent 
analysis  of  proposed  E-3A  system  performance  upgrades  has  highlighted  the  need 
to  closely  examine  the  power  handling  capability  of  any  and  all  manifold 
components  and  its  effect  upon  overall  antenna  performance. 
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TECHNICAL  DISCUSSION 


A  block  diagram  of  the  E-3A  Antenna  transmit  elevation  manifold  is 
shown  in  Figure  1.  The  manifold  is  a  balanced  waveguide  microwave  circuit 
consisting  of  a  branchguide  3  dB  coupler  feeding  a  pair  of  "identical"  travelling 
wave  reactive  tee  (three  port)  series  feed  slotted  waveguide  coupling  assemblies. 
Figure  2  shows  a  slotted  waveguide  reactive  tee  coupler  similar  to  those  discussed 
immediately  above.  Figure  3  shows  the  microwave  equivalent  circuit  of  the 
waveguide  reactive  tee  coupler  shown  in  Figure  2. 

For  the  E-3A  manifold,  the  effect  of  component  tolerance  errors  and 
component  mismatch  interaction  induced  errors  is  manifested  to  a  very  small 
degree  in  elevation  pattern  and  antenna  gain  performance.  However,  the  primary 
effect  of  these  errors  manifests  itself  in  the  unwanted  power  delivered  to  "fourth 
port"  loads,  in  particular,  unwanted  power  delivered  to  the  transmit  hybrid  loads 
of  Figure  1 . 

The  following  analysis  assesses  the  effects  of  the  aforementioned  error 
sources  on  antenna  pattern  performance  and  upon  the  unwanted  R.  F.  energy 
delivered  to  any  manifold  "fourth  port"  or  travelling  wave  feed  assembly  end 
terminations. 

A  more  complete  schematic  of  the  E-3A  transmit  elevation  manifold  is 
shown  in  Figure  4.  To  properly  assess  the  performance  of  the  manifold  shown 
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TO  KTH  RADIATOR 


TO  RRST  RADIATOR 


Figure  1 

E-3A  Antenna  Transmit  Manifold  Block  Diagram 
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in  Figure  4,  it  is  necessary  to  us  a  combination  of  scattering  parameter  and 
manifold  microwave  equivalent  circuit  analysis  and  combine  the  results  to  obtain 
the  desired  information. 

The  E-3A  Elevation  Transmit  Manifold  shown  in  Figure  4  has  28  pairs  of 
branch  tee  coupling  ports;  a  pair  for  each  of  the  28  radiating  elements.  Each 
radiating  element  is  fed  by  a  pair  of  slotted  waveguide  reactive  (branch)  tee 
couplers  (see  Figure  2)  through  a  3  dB  sidewall  coupler  and  a  beam  steering 
phase  shifter.  The  two  28  port  travelling  wave  reactive  tee  couplers  of  Figure  4 
are  fed,  in  quadrature,  at  their  inputs  by  a  3  dB  waveguide  branch  line  coupler. 
This  manifold  geometry  is  very  easy  to  package  and  provides  a  balanced 
microwave  circuit  that  is  very  elevation  pattern  insensitive  to  the  phase  and 
amplitude  errors  of  the  two  slotted  waveguide  travelling  wave  reactive  tee  coupler 
assemblies  of  Figure  4. 

Primary  manifold  R.  F.  signal  error  sources  are: 

1 .  Phase  errors  between  branch  coupling  terminal  pairs  "R"  and  "L" 
(see  Figure  4),  feeding  a  particular  radiating  element,  due  to  R.  F. 
propagation  velocity  differences  between  slotted  waveguide 
manifolds  "R"  and  "L". 

2.  Beam  steering  phase  shifter  reflections  which  contribute 
significantly  to  the  amount  of  power  reaching  the  transmit  hybrid 
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load  of  the  same  radiator  feed  transmission  line  in  which  the  phase 
shifter  is  located. 

3.  Amplitude  errors  in  the  branchguide  coupler  and  the  transmit 
couplers  in  each  radiator  feed  transmission  line. 

4.  Mumal  coupling  between  radiator  feed  lines;  i.e.,  R.  F.  energy 
reflected  from  a  phase  shifter  and  transmit  hybrid  load  in  a 
particular  radiator  feed  line  which  is  delivered  to  the  transmit 
hybrid  load  of  other  radiator  feed  lines. 

The  performance  of  the  manifold  assembly  of  Figure  4  is  assessed  by  first 
determining  the  input  admittance  at  branch  tap  terminal  inputs  "R"  and  "L"  for 
each  of  the  28  radiating  element  feed  lines  of  the  elevation  manifold  and  then 
analyzing  the  microwave  equivalent  circuit  of  each  of  the  two  travelling  wave 
reactive  tee  coupler  assemblies  of  Figure  4  to  obtain  the  voltage  at  the  two  input 
ports  of  the  transmit  hybrid  of  each  manifold  radiator  feed  line.  These  input 
voltages  are  then  combined  (in  each  of  the  28  feedline  transmit  hybrids)  to 
evaluate  the  voltage  present  at  the  two  transmit  hybrid  output  ports  which  feed  the 
phase  shifter  (and  radiating  element)  and  transmit  hybrid  load  as  shown  in 
Figure  4. 

The  relative  value  of  these  two  transmit  hybrid  output  voltages  gives  the 
desired  information  about  the  power  to  each  of  the  twenty  eight  transmit  hybrid 
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loads  of  Figure  4. 

Since  the  transmit  hybrid  of  Figure  4  does  not  have  a  microwave 
equivalent  circuit,  it  is  necessary  to  represent  all  28  branch  tap  pairs  of  the 
"reflectionless"  manifold  assembly  of  Figure  4  with  scattering  matrices  in  order 
to  fully  quantify  manifold  performance. 

The  use  of  scattering  matrices  to  evaluate  theoretical  E-3A  elevation 
manifold  performance  is  illustrated  in  Figure  5.  Using  scattering  matrices  for  this 
problem  avoids  difficulties  associated  with  the  lack  of  a  microwave  equivalent 
circuit  for  the  3  dB  transmit  hybrid  coupler,  and  enables  the  analyst  to  determine 
the  actual  input  impedances  of  the  two  input  ports  of  the  "black  box"  of  Figure 
5  so  that  the  manifold  performance  can  be  evaluated  analytically. 

The  use  of  the  "black  box"  of  Figure  5  allows  the  conceptually  straight¬ 
forward  determination  of  the  manifold  performance  in  terms  of  elevation  pattern 
quality  and  the  relative  power  to  each  of  the  transmit  hybrid  loads. 

Since  the  E-3A  patterns  are  classified,  the  acmal  analysis  for  the  E-3A 
manifold,  though  now  completed,  will  not  be  shown  herein,  instead,  very  similar 
analytical  results  for  a  28  port  unclassified  low  sidelobe  pattern  producing  feed 
network  will  be  shown  with  no  loss  of  useful  information  or  reduction  of  problem 
solution  scope. 

The  scattering  behavior  of  the  black  box  of  Figure  5  is  derived  by  taking 
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the  individual  scattering  matrices  of  the  transmission  line  components  of  Figures 
6  through  9,  transforming  them  to  "C"  matrices,  as  shown  in  Figure  10,  and 
cascading  them  from  left  to  right  (see  Figure  5)  to  obtain  an  overall  "C"  matrix 
for  the  black  box  of  Figure  5  from  which  the  reflection  coefficients,  and  hence 
the  input  admittances  of  Ports  L  and  R  of  the  black  box  of  Figure  5  can  be 
obtained. 

The  determination  of  the  Port  L  and  Port  R  input  admittances  for  each 
manifold  branch,  combined  with  L  and  R  manifold  half  signal  superposition,  now 
allow  the  transmit  manifold  performance  to  be  ascertained  with  simple  microwave 
equivalent  circuit  analysis. 

Using  the  foregoing  approach  for  the  E-3A  type  manifold,  performance 
results  as  shown  in  Figures  11  through  20  are  obtained. 

Figure  1 1  shows  the  power  delivered  to  the  transmit  hybrid  load  "isolated" 
ports  and  the  intended  phase  shifter  signal  "through"  ports  of  the  antenna  feed 
network  relative  to  the  antenna  input  power.  Figure  12  shows  the  associated 
theoretical  and  realized  elevation  patterns  for  the  case  where  both  the  transmit 
hybrid  loads  (THL)  and  phase  shifters  (phasers)  are  perfectly  matched.  Note  the 
perfect  agreement  between  the  theoretical  and  itemized  elevation  patterns  and  the 
extremely  low  power  to  the  THLS. 
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Figure  S 

Scattering  Matrix  of  a  Pure 
Shunt  Susceptance 
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HYBRID 

)  LOAD 

PHASE 

SH  i  FTER 

K 

VOLTAGE 

dB 

VOLTAGE 

dB 

1 

0 .000 

-151.531 

0.015 

-36.588 

2 

0 .000 

-147.718 

0.022 

-33.158 

3 

0 .000 

-144.213 

0.036 

-28.758 

4 

0 . 000 

”142.013 

0.055 

-25.138 

5 

0 .000 

-1 39. 308 

0.079 

-22.098 

6 

0 , 000 

-137.601 

0.106 

-19.518 

7 

0 .000 

-  1  39.975 

0.136 

-1  7.348 

8 

0 . 000 

-143.054 

0.168 

-15.508 

9 

0 .000 

-140.585 

0.200 

-13 .988 

10 

0.000 

-140.268 

0-230 
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27 
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Figure  11 

Relative  Phaser  and  Load  Voltages 
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Figure  12 

Matched  Phasers  and  Loads 
Exact  Amplitude  Synthesis 
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Figures  13  through  14  show  the  same  comparison  for  the  case  where  the 
phasers  are  matched  and  the  THLS  are  mismatched.  Note  that  the  relative  THL 
ports  are  truly  "isolated"  as  long  as  the  phasers  are  perfectly  matched. 

Figures  15  and  16  demonstrate  the  effects  of  mismatched  phasers.  The 
Phaser  and  THL  mismatches  have  statistically  independent,  rayleigh  distributed, 
reflection  coefficient  amplitudes  with  a  "3  SIGMA"  value  equal  to  .14  and 
random  phases  uniformly  distributed  between  0  and  360  degrees.  Small,  but 
discemable  differences  between  the  theoretical  and  realized  elevation  patterns  are 
now  evident  and  the  THL  power  is  no  longer  negligible  since  the  circuit  inside 
the  black  box  of  Figure  5  is  no  longer  perfectly  balanced. 

Figures  17  and  18  demonstrate  antenna  performance  under  the  more 
realistic  conditions  wherein  both  the  THL  and  phaser  have  mismatches  whose 
statistics  are  described  in  the  paragraph  above.  The  THL  mismatches  cause  the 
pattern  to  worsen  slightly  relative  to  the  case  where  only  the  phasers  are 
mismatched.  This  is  because  phaser  reflections  are  now  not  completely  absorbed 
by  the  THLS  and  the  THL  reflections  now  radiate  from  the  aperture  in  an 
uncontrolled  fashion.  Note  in  Figure  17  that  the  power  delivered  to  the  THLS 
is  approximately  the  same  as  in  Figure  15. 

Figures  19  and  20  demonstrate  the  drastic  effects  of  replacing  the  THLS 
with  short  circuits.  Under  these  conditions,  all  phaser  reflection  energy  which 
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HYBRID  LOAD 

PHASE 
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Figure  13 

Relative  Phaser  And  Load  Voltages 
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AMPL 


Figure  14 

Matched  Phasers  and  Mismatched  Loads 
Exact  Amplitude  Synthesis 
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HYBRID 

LOAD 

PHASE 

SH  I  FTER 

K 

VOLTAGE 

dB 

VOLTAGE 

dB 

1 

0 . 000 

-69.018 

0.015 
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0.055 

-25.159 

5 

0.004 

-48.822 
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Figure  15 

Relative  Phaser  And  Load  Voltages 
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HYBRID 

LOAD 
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SH  I  FTER 

K 

VOLTAGE 

dB 

VOLTAGE 

dS 

1 
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Figure  17 

Relative  Phaser  And  Load  Voltages 
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Figure  18 

Mismatched  Phaser s  And  Loads 
Exact  Amplitude  Synthesis 
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Figure  19 

Relative  Phaser  And  Load  Voltages 
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does  not  couple  to  the  main  manifold  feed  lines  radiates  from  the  aperture  in 
uncontrolled  fashion  again.  The  elevation  pattern  results  are  much  worse  in  this 
case  since  none  of  the  reflected  phaser  energy  is  absorbed  by  the  THLS  and  the 
uncontrolled  radiation  is  much  stronger  than  it  is  in  Figure  18. 

Figure  21  shows  the  schematic  of  a  series  fed  manifold  employing  three 
port  reactive  tee  couplers.  This  type  of  feed  network  is  very  sensitive  to  the 
admittances  which  each  tee  coupler  branch  arm  sees.  The  elevation  patterns  of 
Figures  22  and  23  illustrate  this  in  dramatic  fashion.  Figure  22  shows  that  the 
theoretical  and  realized  patterns  are  identical  when  the  phasers  of  Figure  21  are 
matched.  Figure  23  shows  that  the  elevation  pattern  is  badly  degraded  when 
phaser  mismatches,  having  the  same  statistical  nature  as  those  described  for  the 
pattern  of  Figure  16  are  present  in  the  feed  network  schematic  of  Figure  21.  It 
is  interesting  to  note  the  similarity  of  the  realized  patterns  of  Figures  20  and  23. 
By  replacing  the  THLS  of  Figure  4  with  short  circuits,  we  force  the  phaser 
reflections  at  each  stick  in  the  antenna  to  radiate  in  an  uncontrolled  fashion  in  a 
manner  similar  to  the  situation  shown  in  Figure  21  when  phaser  mismatches  are 
present. 
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Figure  20 

Dual  Manifold  in  Which 
Hybrid  Loads  Have  Reflection 
Coefficients  of  0.9999 
Exact  Amplitude  Synthesis 
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Figure  22 

Single  Reactive  T  Manifold 
With  Matched  Thru  Port 
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Figure  23 

Single  Reactive  T  Manifold 
With  Mismatched  Thru  Port 
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CONCLUSION 


The  foregoing  computer  aided  analysis  has  employed  the  combination  of 
scattering  matrix  theory  and  equivalent  circuit  analysis  of  a  complicated 
microwave  transmission  line  feed  network,  of  the  type  used  on  the  E-3A  antenna 
system,  to  determine  feed  network  performance  as  a  function  of  both  primary 
antenna  component  and  "isolated"  component  mismatch  tolerance  effects. 

The  significance  of  this  is  that  previously  neglected  component  tolerance 
effects  (such  as  "isolated"  port  termination  mismatches)  is  now  exactly  accounted 
for  in  the  analysis  of  antenna  feed  network  performance  and  its  consequent  effect 
on  overall  antenna  performance. 
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